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SUMMARY

The objective of this work was tco study and evaluate the use
of self-calibration techniques and circuitry, for an array with
digital beam processing, as a means of achieving precise pattern
control (low sidelobes, adaptive nulling and high resolution)
over large bandwidths and large dynamic range. Calibration
techniques for digital beamforming in the receive mode for radar
surveillance applications was emphasized but techniques
applicable to the transmit mode and communication applications
were also of interest. The work was divided into a study phase
to examine the consequences of various approaches followed by a
hardware development phase to design and implement a calibration
test bed array antenna to denonstrate the feasibility of
self-calibration in the receive mode.

The principal tasks accomplished during the study phase were
to:

1) Determine the performance constraints imposed by the

array and the various components in a Digital Beamforming

Receiver (DBR) up to the array beamformer.

2) Evaluate the effectiveness of a self-calibration

implementation approach.

3) Evaluate some architectures for a test bed array.

4) Develop the design specifications for a test bed array.

The principal tasks accomplished during the implementation
phase included:

1) Detailed design, fabricaticn and test of a fixed subarray

element for a 32 element digital beamforming array.

2) Fabrication and test of a unique "loop type" calibration

feed for the 32 element array.

3) Fabrication and test of 32 elemental receivers with A/D

converters.

4) Design, fabrication and test of a recording system to
enable calibration and detailed pattern measuremants of the
32 element test bed array.
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5) Implementation of control software to permit calibration
of the array and collecticn of pattern data on an antenna test

range.

This work was undertaken to evaluate the implementation
issues that determine the effectiveness digital beamforming
arrays as a means of achieving precision control of array
patterns over the dynamic range of interest in systenm
applications. Digital beamforming conceptually offers the
opportunity to obtain improved adaptive pattern nulling, closely
spaced multiple beams, array element correction, super
resolution and flexibility in radar time and power measurement.
Digital beamforming eliminates the constraints on numbers of
beans, beam placement and beam guality (phase and anmplitude
errors in the beamformer and elements) associated with fixed
beamformers; at the same time, the hardware (elemental
receivers) which must be added to an array to implement digital
beamforming increases the sources of phase and amplitude errors
which decrease the quality of array patterns. Self-calibration,
at the elemental receiver level, provides the opportunity to
eliminate not only the errors introduced by the fixed beamformer
but also any errors introduced by limitations in the response of
the receiver system. That these improvements are indeed
achievable in reasonable cost hardware remains to be
demonstrated with detailed measurements of test bed hardware
which implements the most promising system approach to
calibration.

The efforts orn this program were limited to selecting a
promising approach to implementing a digital beamforming test
bed array, after studying the limitations of components on the
array performance; and, implementing a 32 element digital
beamforming test bed array and data collection system to permit
evaluation of the approach. The detailed characterization of
the digital beamforming test bed array and evaluation of beam
pattern quality is being performed by members of the staff of
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the Electromagnetics Development Center of the Rome Air
Development Center at Hanscom Air Force Base, whc were the
sponsors of this contract.

The calibration feed used in the test bed array is a unique
design which utilizes a single coupling hole, on the main
transmission line, for each elemental receiver. 1In a large
array, the insertion phase and amplitude differences in the
calibration feed system up to the input to each coupler can be
cancelled since the non-directional properties of the coupler
pernit a test signal to be coupled to a receiver from both ends
of a feed which effectively includes the entire feed system
transfer function in each insertion phase and amplitude
measurement that is made. The self-calibration properties of
the test bed calibration feed are offset by a higher insertion
loss (as compared to a corporate feed system) and higher
susceptibility to coherent combining of mismatch error effects.
It is potentially possible to introduce path length differences
in the construction of the calibration feed to partially
decorrelate mismatch error effects and/or measure the feed
system and subtract out calibration feed errors. Additional
development work is recommended to develop a calibration feed
system that vields minimizes calibration feed induced errors
into an array calibration.
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PREFACE

The development work on the Digital Beam Steering Antenna
(DBSA) project was carried out by the Advanced Development
Engineering Subsection of General Electric's Radar System
Department. The principal contributors and consultants to the
work accomplished cn the DBSA project include Richard Kinsey
(Program Manager), Dr. Gerry Ctteni, James Stitts, Richard
Taylor, Robert Jackson, Ruth Brown, Charles Vernon and Sidney
Applebaunm.

The DBSA contract was sponsored by the Electromagnetics
Development Mrectorate of the Rome Air Development Center (RADC) at
Hanscom Air Force Base, Ma. The RADC project technical contract
manager was Nicholas P. Kernweis with Dr. Hans Steyskal as the
alternate manager. The data for interfacing into the RADC
antenna pattern measuring equipment was provided by Jeffrey
Herd.

The fcllowing contracts cover work related to the DBSA
project:

1) bdigital Beamforming Receiver Modules, U.S. Army Missile

Command, Redstone Arsenal, Al, DAAH 01-86-C-~0177.

2) Mainbeam ECCM Definition/Implementation/Experimentation,

Rome Air Development Center, Griffiss AFB, N.Y., F30602-

86-C~0260.

C Band Receivers, Base Contracting Division, 416 BMW/LGC,

Griffiss AFB, N.Y., F30635-85-C~0120

4) Digital Beamforming Radar (DBR) Study, U.S. Army Missile

Command, Redstone Arsenal, Al, DAAH 01-83-C-All9.

5) Anti-Arm Radar Techniques Development, Harry Diamond

Laboratory, DAA21~-80-C-0131.

6) Signal Processing Reguirements for Digital Beamforming,

System Development Corp., 76-427, DASG60-76-0027.
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SECTION 1
INTRODUCTION

In the Digital Beam Steering Antenna (DBSA) project, the 1
effectiveness of self-calibration techniques was studied as a
means o€ minimizing the system limitations of the antenna array 1
and elemental receiver components in achieving precise control
of array patterns. Performance bounds of a Digital Beam Forming
(DBF) array were established based on the expected performance E
of the inaividual array comwponents; the impact of self-
calibration as a means of compensating for relaxed component ‘[
rejuirements was investigated.

oy

DBF conceptually cffers the opportunity to obtain precise Y
control of the array transfer function starting at the
individual array elements. This can provide the flexibility
needed in bean pattern control to achieve:

1) Improved adaptive patterr nulling and the ability to

place multiple nulls in a pattern in response to the

external ECM environment.

2) Closely spaced multiple beams to increase data rates and

the dwell time in a beam position as a means of countering

high speed, low radar cross secticn target threats.

3) Super resolution to permit maltiple targets to be

resolved and accurately tracked to discriminate between

close spaced decoys and threats.

DBF provides operationa® flexibility which is either not
practical or not possible i.. o-f beam formers. In a digital
beam former each beam can be uniquely weighted to achieve
specific sidelobe objectives or resolution; beams can be closely
spaced, clustered in groups or variably spaced to meet any
spatial and energy management set of criteria. At the same
time, however, the elemental receiver circuitry (and local
oscillator distribution circuitry) which must be added te an
array to implement DBF increases the potential sources of phase
and amplitude errcrs. The additional error sources must be
bounded and compensated for in corder to not degrade the quality k

1




of the array patterns below what can be achieved from an
optimized r~f beam former.

Self~calibration, at the elemental receiver level, provides
the opportunity to correct insertion phase and gain errors from
the calibration reference point up to the A/D converter output.
In principal, all errors introduced by liwitations in the
insertion gain and phase response of the receiver system can be
compensated for (except inadequate dynamic range). The
viability of the calibration process tc compensate for errors is
credible when the insertion gain and phase errors are
essentially constant over the instantaneous signal bandwidth and
can be treated as fixed bias errors at the operating freguercy.
Detailesd measurements of a test bed hardware implementaticn of a
system apprcach to calibration is required, however, to verify
that high performance digital beam forming can be achieved with
reasonable cost hardware.

The work on this project was divided into a study phase and
an implementation phase. The study phase addressed the use of
self-calibration techniques and circuitry as a means of
achieving precise pattern control (low sidelobes, adaptive
nulling and high resolution) cver large bandwidths and large
dynamic range in an array with prcvisions for digitally forming
beams. The study was primarily directed towards caiibration
techniques which would be applied to the receive mode in radar
surveillance applications. The calibration approaches that were
examined were also applicable to communications arrays and
deternining the phase and amplitude error corrections needed at
the element level for the transmit mode. The sources of errors
and types of errcrs seen in a digital beam forming array were
studied and the consequences of applying various approaches to
measuring and correcting such errors were evaluated.

In the implementation phase, a digital bean forming line
array test bed was built to be used zs a test vehicle to
evaluate digital heam forming array performance. The test bed
includes 32 receive elements, a self-calibration systenm, 32
elemental receivers, an exciter, a data recording interface to
the HP9836 desk top computer and the software to calibrate the

2
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array, form beams and generate beanm pattern res

ponses for any
bean position.

The array testing was limited to detailed measurements of
the individual assemblies and a validation of the operation of
the overall array in the calibration node and data recording
wode. The array tests were made with the array fixed in
position and pointed directly at a far field source,

The detailed characterization of the digital beanm forming
test bed array and evaluation of bean pattern quality is being
performed by members of the staff of the Electromagnetics
Development Directorate of the Rome Air Devel

opment Center at Hansconm
Air Force Base, who were the sponsors of this contract.
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SECTION 2
DBSA STUDY PHASE

2.1 INTRODUCTION
The tasks performed during the study phase included:

1) Determination * the performance constraints on digital
beam forming imposed by the array and receiver components.
2) Evaluation of the effectiveness of an implementation
approach for a calibration system concept.

3) Evaluation of architectures for a test bed array.

4) Preparation cf specifications for a test bed array.

The principal sources of errors in the array system
components were analyzed to evaluate the impact o€ the component
specificatiens on the quality of digitally formed beams. Test
data was obtained on the SAW filter and the A/D converter, two
receiver components which have the most impact on the digital
beam forming. A SAW filter is used to control the receiver
signal bandwidth to reduce variations in phase and amplitude
responses between receiver channels; the response match that can
be achieved between SAW filters is then a critical receiver
design factor. The dynamic range, linearity, phase and
amplitude response of the &/D converter all have an impact on
the quality of digitally formed beams; the match between
receiver channels and the overall response of the receiver
channel is, therefore, largely determined by the performance of
the A/D converter.

Insertion phase and amplitude measurements were made on a
prototype of a loop type array calibrator to determine the
magnitude and cerrelation of the inserticn phase and amplitude
errors due to the loop approach and the construction
tolerances. The array factor response was computed using the
neasured errors as the transfer function of the elements.

The study results provided a background for defining the
specification for the test bed array that was implemented in the
second phase of the contract.
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Performance characteristics of potential tactical planar
array surveillance systems are shown in Table 1. Standoff
jammer type Electronic Counter Measure (ECM) threats require
average sidelobe levels of ~55 dB and peak zsidelobe levels less
-50 dB, over critical sectors in the scan coverage. Self
screening jamming threats require adaptive cancellation
techniques and a large receiver dynamic range (70 dB) to offset
high jamming levels.

Signal bandwidth requirements range from 3.5 to 200 MHz.
Long range surveillance requirements can be satisfied with
signal bandwidths as low as 0.5 MHz; most track applications can
be satisfied with bandwidths of 5 to 20 MHz. Bandwidths higher
than 20 MHz ray be needed to track targets in dense raids or to
evaluate miss distances during intercepts; wide bandwidth,
however, is usually only required over a limited range window.
The widest signal bandwidth requirement is target identification
where high range resolution is needed to obtain sufficient
detail !n the target signature; 200 MHz is the lower bound on
bandwidths that would have any value in this application.

If only a limited range windows is required for the high
bandwidth applications, a Linear Frequency Modulated (LFM)
signal can be transmitted and deramped to CW on receive. The
Geramping occurs at an early point in the receive chain to
minimize the hardware which must have high bandwidth. The
reduction in bandwidth is particularly important in a digital
beanforming array since it allows the A/D converters and digital
beamformer parameters tc remain unchanged from that used for the
low bandwidth all range waveforms. The response of all of the
circuite which precede the output of the deramping mixer,
however, must be phase and amplitude matched over the high
bandwidti sigral to achieve low sidelobes s in the case of
conventional arrays. Time delay compensation may also be
required across the array for high signal bandwidths to attain
low range sidelobes for off broadside targets.
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TABLE 1. Potential requirements for a surveillance radar

Parameter Value

Array Gain 38 - 41 dB
Number of elements 2000 - 4000
Average sidelobe levels < =55 dB

Peak sidelobe levels < ~50 dB
Azimuth coverage + 45° nminimum
Elevation coverage 0 to 30°* nminimum
Dynamic range 70 dB minimum
Signal bandwidth 0.5 ~ 200 MHz

The characteristics of an example 4096 element array with 5
dB gain elements are shown in Table 2. To achieve -50 dB peak
sidelobe levels with typical uncompensated errors, a =55 dB
Taylor weighting taper has been assumed in both planes for
sidelobe level control. The array directive gain, after
weighting is 37.6 dB. To achieve -50 dB peak sidelobes, the mms
sidelobes must be about -58 dB or -20.4 dB below isotropic
gain. Only small correlated errors, at the row or column level
of the array, can be tolerated in the array and achieve the
desired sidelobe levels.

TABLE 2. Example planar array paranreters

Parameter Value
Array peak sidelobe level - 50 dB
Array rms sidelobe level ~ 58 dB
Number of elements 4096
Taylor weighting level (each pilane) ~ 55 dB
Element gain 5 dB
Elemental phase errors

Row or column correlated {(max.) 0.33° s

Uncorrelated (max.) 2.2° s
Elemental gain errors

Row or column correlated (max.) 0.05 dB rms

Uncorrelated (max.) 0.32 dB ms

e
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The composite of the errors from all the components which
comprise the elemental signal path must be controlled to the
level shown in Table 2 for -50 ap peak sidelobes. The elemental
eignal path includes a radiating element, an elemental receiver
{(r-f input to A/D converter output), an LO distribution systenm
and all interconnecting signal cables in the digital beamforming
array. It would be impractical to builg a digital bearforming
array with the channel matching (after alignment) specified in
Table 2 to operate over the environmental ranges if periodic
corrections of the insertion phase and gain could not be made.
An on-line calibration system is required to measure the
elemental signal paths for component drift with temperature,
operating voltage and time (component aging) in order to
compensate the array. A comprehensive calibration system can

reduce performance re irements on individual components_and
thereby reduce the fabrication cost of the array. Ideally the

calibration system should include ail of the elemental signal
path components to allow the widest tolerance in the elemental
signal path components. The calibration system itself must
include provisions to compensate for insertion phase and gain
errors within its signal Paths and have a residual error

significantly less then the error bounds shown in Table 2.

2.3 ELE.MEEIAL_R_E_QE_IXEE__ CHIT ES AN M. TIONS

The digital beanforming array is characterized by (and
limited by) the capabilities of the elemental receivers used in
the array. The generic digital beamforming receiver contains
the following functional elements:

1} A low noise amplifier to establish system noisge figure.
2) A preselection filter to eliminate image band interfer-
ence from the receiver.

3) One or more stages of down conversion to translate the
receive signal to a suitable frequency band for signal spec-
trum match filtering and A/D quantization.

4) A filter to limit the spectrum width of the signals that
are quantized.
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5) A quantizer {(A/D converter) subsystem.
6) Signal level overload control circuits.
7) Insertion phase and gain correction provisions. ‘
3 8) Monitoring circaitry. g

bt

s

Since the elemental receivers are a significant factor in
the cost of a digital beamforming array; it is important to use
an architecture which is low cost and yet meets performance

requirements. Channel to channel response match and dynamic
i range are the most critical performance factors of the elemental
1 receiver since they determine the wide band noise interference
adaptive cancellation performance of the digital beamforming
1 array. Potential elemental receiver architectures and their
] relative capabilities are considered in the discussion which
follows.

L aam

2.3.1 Single down_conversion receiver. The single down
conversion receiver (Figure 1l-a) has the simplest architecture
and is potentially low in cost. A bandpass filter is required
| prior to the down conversion mixer to eliminate out of band b
interference. The highest dynamic range is attained when the |
filter precedes the low noise amplifier (INA) to limit out of
band interference; the bandpass filter loss, however, then
reduces the receiver sensitivity. The synchronous detector Lo
and the agile LO are merged into one LO, only the synchronous
detector mixers are present in the single down conversion
receiver.

The simplicity of the architecture of the single down |
conversion receiver is offset by significant deficiencies in its
performance. When the synchronous detector 10 frequency is
changed, to tune the receiver over the operating band, the
synchronous detector DC levels and in-phase and quadrature
conponents balance may be expected to change. The synchronous
detector outputs require compensation at each operating 4
frequency because of phase and amplitude changes in the mixers
as a function of 10 frequency.

’
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The phase and amplitude relationship {over the signal
bandwidth) between the in-phase (I) and quadrature-phase (Q)
outputs of the synchronous detector is also determined by the
match between the two low pass filters following the synchronous
detectors. The low pass filters normally determine the signal
bandwidth; stringent phase and amplitude matching requirements
across the signal bandwidth make the filters difficult to build
and hence expensive.

With only two amplifiers in a single down conversion
receive, it is difficult to realize large dynamic range, low
noise figure and stable transfer characteristics. The C-band
low noise amplifier (LNA) and video amplifiers must have
sufficient gain to offset all receive losses and raise the
receiver self noise level to the quantization level of the A/D
converters. There are adverse factors with having large gain in
either the LNA and video amplifiers. The dynamic range
available from the synchronous detectors limit how much gain can
be placed in the LNA before receiver dynamic ranve is impacted.
Having high gain in the video amplifier leads to larger
variations the DC unbalance of the receiver. The noise figure
of high output video amplifiers is usually poor, it is therefore
undesirable to have large gain in the video amplifier to avoid
increasing the receiver noise figure.

The previous deficiencies in the single down conversion
receiver make it unsuitable for high performarce digital
beamforming despite its low implementation cost.

2.3.2 Double conversion receiver. The double conversion
receiver shoun in Figure 1b has a fixed LO for the synchronocus
detector reference; the synchronous detector balance and
compensation is therefore independent of the agile operating
frequency. The first bandpass filter in the receiver, as in the
preceding receiver, is required in order to reject out of band
interference at the image response frequencies of the agile
nixers.

The agile mixer i-f output frequency must be high enough
that the image frequencies of the agile mixer can be rejected by

10
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the C-band image rejection filter. A 10% agile bandwidth 4
requires an i~f frequency of approximately 1 GHz., A bandpass

filter matched to the signal spectrum can not be used at 1 GHz

because of the poor filter to filter match when the ratio of the

bandpass to the center frequency of the filter is small. Low }
pass filters are, therefore, still required tc set the signal
bandwidth of the double conversion receiver. Although the ]
match between receiver channels is improved by going to a double 1
conversion receiver there is still significant difficulty in
attaining the channel matching needed for very low sidelobes. A
The synchronous detector still operates at a high frequency,

which makes the I and Q match more sensitive to the 1o :
distribution variations.

ey

Adding an i-f amplifier, in the double conversion receiver, 1
does allow more flexibility in distributing gain in the
receiver. The three amplifiers in the receiver can be
confiqured to have both large dynamic range and low noise figure
in the overall receiver. 1

2.3.3 Triple conversion recejver. The addition of another
mixer to the previous receiver architecture gives the tripie 3
conversion receiver shown in Figure 2; this architecture allows
the frequencies of the i-f stages to be optimized for specific
functions. The second i-f frequency can be made low enough to
use a bandpass filter, like a surface acoustic wave (SAW)
filter, to define the signal bandwidth. The SAW filter, being a
firite impulse response filter, has very low phase and amplitude
distortion. SAW filters can be built to be closely matched [
yielding elemental receiver responses which are highly
correlated. The lower operating frequency for the synchronous
detector makes the detector less sensitive to variations in the
10 distribution. The minimum synchronous detector operating
frequency is determined by the signal bandwidth and the low pass
filtering available to reject the leakage from the 10 and r-f
inputs to the DC output of the synchronous detector mixers. The 4
triple conversion frequency receiver low pass filters are only
used to reduce leakage components from the preceding mixer; they
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are made much wider then the signal bandpass to assure that they
have virtually no impact on receiver matching.

The choice of filter bandwidths and center frequencies for
the i-f gtages are interrelated and require that compromises be
made. The agile bandwidth is a major factor in determining the
parameters of the i~-f stages. The selection of the i-f filter
frequencies is based on image response rejection requirements
and the cost of matching responses. As a specific example
design, assume a triple conversion receiver designed for a
signal band of 5.25 to 5.85 GHz. With an agile bandwidth of 10%
of the carrier frequency, the first i-f frequency should be no
less than 20% of the carrier (1 GHz) to have practical
parameters for an image rejection filter. A 1 GHz first i~f
with a low side LO will have image responses from 3.25 to 3.85
GHz from the first down conversion over the agile bandwidth.

The first band pass filter cut off rate must be fast enough to
attenuate the agile mixer image responses below the interference
level (S50 dB minimum). High cut-off rates may be achieved with
more poles in a filter; however, only a few poles can be used in
the filter before variations in the in~-band phase and amplitude
response between receiver channels affects the cancellation of
wide dand noise.

A higher first i-f makes the first bandpass filter easier to
realize but increases the difficulty of realizing the second
band pass image rejection filter. The second pass filter is
required to ke narrow enough to reject noise interference at the
image response frequencies of the third i-f. The thirxd i-f
frequently has to be made higher then minimum for the
synchronous detector function to make the band pass filter
responses more realizable.

The triple conversion receiver has sufficient flexibility to
be configured to have large dynamic range, low noise figure and
relatively stable transfer characteristics; it is therefore the
preferred implementation form for the demonstration equipment.

13
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2.3.4 Base band recejver deficiencies. The last analog
operaticn in the previous receiver architectures was a coherent
synchronous detector. The detector yields base band in-phase
(I} and a quadrature phase (Q) output signals from mixing the
last i-f signal with a reference Local Oscillator (LO). The
final signal bandwidth in the receiver is set by ‘he last i-f
band pass filter or alternatively by the low pass filters on the
I/Q base band signals. The preceding receiver architectures can
provide high dynamic range and high rejection of image
responses. A major performance limitation in these receivers is
the quality of the signal match which can be achieved in the I
and Q signals, within a receiver channel and between receiver
channels, over the signal bandwidth. The detector gquality is
determined by the match between the I and Q amplitudes and the
degree to which phase quadrature is maintained between the
componente. Other sources of error includes dc offsetsz and
spurious responses from device non-linearities.

The I and Q match within the channel and between cl.annels is
improved when an i-f filter can be used in place of I and Q low
pass filters to set the final signal bandwidth. 1In addition,
the i~f filter is lower in cost than a pair of matched low pass
filters and smaller in size. However, the synchronous detector,
the I and Q video amplifiers and the A/D converters all still
potential sources or errois that produce mismatched I and Q
signal components and I and Q dc offsets.

DC offset errors can be reduced by DC feed back correcticn
loops (or post A/D conversion bias corrections) when the I and Q
DC offsets change slowly over tims and have low sensitivity to
changes in the ambient temperature and operating voltages.

1/Q mismatch errors in a channel and between chanrnels which
are independent of the signal freguency are biases which can be
reduced by periodic calibration of the receiver insertion phase
and gain at each operating frequency. The final quality that
can be achieved in the balance of the I/Q conponents in a
channel and between channels, after compensating for the errors
determined from calibration measurements, is limited by the
calibration measurement error and the degree to which the 1/Q

14




components were unbalanced prior to compensation. Most of the
I/Q component balance errors across the signal bandpass are due
to response characteristics differences between the individual I
and Q A/D converter and track/hold circuits. It is difficult to
obtain A/D conve.ters and track/hold devices which have matched
responses acrcss the sigral bandwidth and over the signal
dynamic range.

2.3.5 Bandpass sampling direct conversion receiver. The
base band receiver deficiencies cited in the preceding paragraph
can be partially avoided in the bandpass direct conversion type
receiver where the signal is gquantizec while s5till on an i-f
carrier. In the direct i-f sampling receiver architecture,
illustrated in Figure 3, only a single A/D converter is used to
take real samples of the i-f signal; a digital bandpass filter
is used to select the signal spectrum. The input to the digital
filter is real samples and the output is base band I and Q
pairs. The A/D converter sampling rate for the direct
conversion receiver must be at least twice that of the base band
1/Q receiver pair of A/D converters since only real sanmples of
the i-f signal are taken. In practice, because of finite
cut-off rates in the analog filter and in the signal spectrum,
the A/D sampling rate must be made several times higher to
raduce mismatch errors from folded over signal spectrum errors.
In a typical application, the sampling rate of the single
cenverter will be five times higher then that used for the base
band converters for the same signal bandwidth.

Since the I and Q outputs are formed in a digital filter in
the direct i-f conversion receiver, I and Q matching problen are
effectively eliminated from the channel. The sampling jitter
requirements of the quantizer in the direct i~f carrier sampling
architecture, are higher then in base band receiver, hewever,
because the carrier frequency must be accurately sampled to
recover the signal phase informaticn.

The complexity of the receiver (measured by number of
components eliminated) can be significantly reduced in a direct
i-f conversion receiver if the i-f sampler is pléced at the
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highest i-f frequency that can be sampled and still meet dynamic
range and matching requirements. The i-f frequency choice is
bounded by the aperture size and jitter of the track and hold
{T/H) amplifier since this determines the error in quantizing
the i-f signal. Although the T/H aperture size and jitter must
be low encugh to accurately sample the i-f carrier, thz sampling
rate will still be low since it is determined by the bandwidth
of the signal modulation. Since the T/H amplifier samples are
spaced many i-f cycles apart, the i-f frequency will be highly
under sampled and there is significant aliasing of the signal.
with the proper choice of i-f frequency, signal bandwidth and
sampling rate, the aliased portion of the signal spectrum can be
positioned to fall into the rejection region of the digital
filter. A band pass filter approximately matched to the width
of the signal spectrum must precede the T/H amplifier, however,
to limit the bandwidth of the noise and exclude out of band
interference that would be aliased intc the output pass band.

The sampling requirements of the preceding high i-f direct
i-f sampling receiver are illustrated by the following specific
case. In a C-band receiver with a 2.0 MHz signal bandwidth, a
10 MHz sampling rate can be used with an i~-f carrier of 697.5
MHz to sample the signal and alias the results onto a 2.5 MHz
carrier. There will also be an aliased frequency response at
7.5 MHz (or equivalently -2.5 MHz), which will be rejected by
the digital filtering following the A/D converter. The T/H
sampling aperture jitter must be less then 9.45 picoseconds to
1limit the maximum sampling error to 0.5 of the 1sb on an 8 pit
A/D converter at the 697.5 MHz carrier frequency.

The limitations in sampling aperture for currently available
T/H amplifiers make it impractical to build a direct i-f
bandpass sampling receiver operating at a 697.5 MHz i-f. 1In
addition, the current technology for Si% bandpass filters at
697.5 MHz does not provide transition rztes between the pass
band and rejection region which ars adequate enough to limit
folding of undesired spectrum into the pass band. Furthexr, SaW
filter material reproducibility and etching tolerances are

b
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insufficient, at 697.5 MHz, to obtain filter responses which
match well enough for -50 dB peak sidelobes.

2.3.6 Direct i~f receiver copversjon alternatives. Although
the T/H amplifiers and sampling apertures in current A/D
converters are not adequz2te to build the receiver described in
the preceding paragraph. There are advantages in using the
direct i-f conversion receiver with an i-f frequency which is
near DC but has no significant spectral fold over at DC. This
then permits a digital filter to be used to match filter the
signal spactrum and produce exact I and Q samples of the signal
and eliminates the synchronous detectors.

The receiver architecture up to the final i~f stage is
identical between the triple conversion receiver previously
discussed and the direct i-f sampling receiver. At the final
i-f stage of the direct i-f conversion receiver, the signal is
demodulated to a very low freguency i-f carrier. Using the
preceding receiver example (paragraph 2.3.5), with a 2.0 MHz
signal bandwidth, the final i-f would be at 2.5 MHz and a 10 MHz
sampling rate would be required to keep the image response at
~2.5 MHz isolated from the desired response. As in the
preceding case, a digital filter is used to match the signal
spectrun and provide I and Q outputs.

The sampling aperture jitter requirements for the preceding
example are reduced to 125 picoseconds for an 8 bit converter
and 7.8 picoseconds for a 12 bit converter for a maximum
sampling error of 0.5 of an lsb. These sampling aperture
jitters are within the range of current hardware technolegy.

The stringent matching of the components in a conventional
synchronous detector to obtain I and Q match within a receiver
channel is avoided by the direct i-f conversion architecture.
In addition, DC bias from the sampling circuitry is shifted out
of the final signal pass band after digital filtering. Matching
between receiver channels, however, is still a Ffunction of how
weli the individual A/D converters and SAW filters match.
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The direct i-f conversion receiver eliminates the 1/Q L
{ matching problem within a receiver. The increased sampling rate
requirements on the A/D converter and T/H limit the
effectiveness of the direct i-f sampler sincs the bandwidth and
dynanic range limitation of current A/D converters, in most b
] radar applications, usually limit system performance.
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2.4 COMPONENT CONSTRAINTS ON DIGITAL BEAMFORMING PERFORMANCE

Ore of the requirements of a Digital Beamforming (DBF) is to
& provide very deep nulls against interference sources such as i

mainlobe or sidelobe jammers. The cancellation performance of a
J{ DBF array is determined in part by the jamming envircnment '{
(number of jammers, effective radiated power, spacing and

. multipath conditions) and the imperfections in the components 1
which make up the DBF array system. The component imperfections ;
include phase errors, amplitude errors and non-linearities which
limit the ability to form deep nulls in the array response over
the entire signal bandwidth. !

A method for evaluating component errors, for the purpose of
creating error budgets for DBF receivers, is to analyze each
error source in the receiver with respect to how it affects a
factor known as the noise correlation coefficient. The neise
correlation factor provides a direct assessment of the component }
with respect to the ability to cancel noise from a jamming
source. The correlation factor also allows diverse kinds of
errors to be translated into a single method of measurement
which may be combined to yield a single measure of the effects
of several different sources of errors in a DBF receiver. The
noige correlation coefficient is a measure of the match between
two receivers (or devices) when identical broadband noise is
ingerted into the two receivers. It is defined in terms of the
residue power at the output of a subtractor following the two
receiver channels.

The combined effect of several errors sources in a receiver
1 is determined by computing the correlation coefficient for each '
of the errcrs and then taking the product of the individual
correlation coefficients. The definitions for the terms used in
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the expressions in the correlation coefficient analysis are
covered in Appendix A. The analysis approach used in this
section was performed by Mr. Sid Applebaum of General Electric
on a contract with RADC-West! to determine the effects of
channel-to-channel mismatch on the performance of mainbeam and
sidelobe cancellation techniques which could be implemented by a
DBF radar. Appendix A summarizes the results of Mr. Applebaum's
analysis that are applicable to the DBSA contract. The
remainder of this section is an application of Mr. Applebaum's
approach to a typical array elemental receiver and includes all
of the significant components from the INA to the A/D converter
output. No assumptions have been made about the digital
beamformer that may be used with the array.

2.4.1 Analysis approach. In the following analysis, an
error budget is constructed on the basis that the elemental
receiver insertion amplitude and phase at the midband of each
operating freguency will be compensated for by a calibration
system. The error budgeting process is accomplished by
calculating the contribution of the significant error sources,
throughout the receiver, to the correlation coefficient for the
entire receiver. The following is a list of the error sources
considered in the budget:

1) RF section amplitude and phase mismatch.

2) RF section time delay mismatch.

3) Image filter out of band rejection.

4} IF section amplitude and phase mismatch.

5) IF section time delay mismatch.

6) Saw filter center frequency mismatch.

7) A/D converter sampling jitter.

8) A/D converter time delay match (aperture time).
9) A/D converter I and Q mismatch.

10) A/D converter spectral aliasing.

lyainbean ECCM Task of "Surveillance Laboratory Support,
Contract F30602-83-C-0017.
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The remaining factors considered in the correlation
coefficient budget are the receiver intermcdvlation product
distorction (IMP) and correlated to uncorrelated noise ratios.
The dynamic range computation model predicts the cumulative IMP
distortion in the receiver from the third order IMP intercept
points and the output signal levels of the analog components.
The correlation coefficients for the third crder IMP and noise
components will be the composite value for the entire receiver.

In the following paragraphc, the rationale for cheosing the
correlation coefficients for each of the error sources will be
discussed. The components used in the triple conversion
receivers of a Digital Beamforming (DBF) array facility will be
used as specific examples for computing correlation errors of
typical components.

The phase and amplitude r-sponse of each receiver channel
will differ because of insertion phase and amplitude differences
in the components of each receiver channel. The overall
ingertion phase and amplitude out of each receiver channel is
only compensated at the mid-point of the signal bandwidth at
each operating frequency. There will, therefore, be residual
phase and amplitude differences between receiver channels over
the balance of the signal bandwidth due to differences in how
the individual receiver components track over the signal
bandwidth. It is convenient from an evaluation viewpoint to
consider each component, that is a major centributor to residuail
phase and amplitude differences, separately when determining the
overall correlation coefficient error budget. Equation A-7,
from Appendix A, is used to convert the residual phase and
anplitude deviations into the component correlation coefficient
from component to component.

2.4.2 RE sectjon amplitude and phase mismatch. The DBF
5.45 GHz C band image rejection filter has a phase and amplitude
ripple across its 625 MHz agile bandwidth. Construction
differences between filters result in small residual phase and
amplitude deviations across the signal bandwidth.after the
nominal filter phase and amplitude response at each calibration
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frequency is subtracted out. The input image rejection filter
is expected to have a 0.5 dB residual peak to peak ripple over
its entire agile bandwidth; a 3 pole bandpass filter has been
used (which results in approximately 3 cycles of phase and
amplitude ripple over a 500 MEz bandwidth. The largest phase
and amplitude changes occur at the band edge of the filter;
using the nominal filter parameters, the amplitude change is
about 0.107 dB over the last 11 MHz of this region. Over a

0.5 MHz signal bandwidth, the amplitude change is only about
0.005 dB; response differences between two filters could result
in 20% difference in amplitude response or about 0.0l dB peak to
peak difference. The phase change over the last 11 MHz of the
agile bandwidth is about 3.266°. Over a 0.5 MHz signal
bandwidth, the phase change is about 0.297°; response Qiff-
erences between two filters could differ by 20% in phase
response or about 0.0594° peak to peak.

The correlation coefficient is based con the rms values of
the amplitude and phase differences between filters. If the
deviation in phase and amplitude between any two filters is
considered to be uniformly distributed between the peak to peak
deviations in the phase and amplitude slopes, the rms deviation
is reduced by a factor of square root of 12 (0.003 dB in
amplitude and 0.01715° in phase) over the signal bandwidth.

The residual phase and amplitude deviations between low
noise amplifiers over the signal bvandwidth are significantly
smaller then the filter and therefore considered to be
negligible.

The C band balanced mixer has an amplitude ripple of *+ .5 dB
across a 1.5 GHz bandwidth or 0.00033 dB variation across a 0.5
MHz bandwidth. The phase ripple is approximately 7° over the
1500 MHz or 0.0023° across the 0.5 MHz bandwidth. The worst
case difference errors between two mixers occurs when their
ripples are out of phase leading to peak errors twice as large
(0.00066 dB and 0.0046°) as for one mixer. The rms value of the
anplitude and phase ripples is 0.00019 dB and 0.00133 degrees.

.
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2.4.3 First i~-f section phase and amplitude mjismatch. The
first IF filter (2225 MHz) is a 3 section narrow band cavity
filter. The 3 dB bandwidth of the filter is 20 MHz with an
amplitude ripple of 0.5 dB peak. Over the 0.5 MHz signal
bandwidth at the midband of the filter, the signal amplitude
changes 0.0042 dB and the phase changes 0.167 degrees. Between
two filters, the residual amplitude and phase deviation
difference could be twice the individual deviations or 0.0084 dB
peak and 0.334 degrees. The rms value of the small deviations
is then 0.00243 dB and 0.0964 degrees.

2.4.4 First i-f section time delay mismatches. Filter
insertion time delays vary with temperature; given that the
filters must operate over a wide temperature range, it is
desirable to mininize the filter insertion delay, where
possible, and minimize temperature differences between the
receiver channels. The time delay of filters, wlL.ch are
constructed from lumped constant devices, have an average change
with temperature of about 0.0l percent per °*C. The variation in
tine delay change with temperature is about 10% from filter to
filter, the residual time delay variation is then only 0.001
percent per °C. The r-f section filter bandwidth is so wide
that the filter delay differences are insignificant. The narrow
3 dB bandwidth of the first IF filter (20 MHz) makes it a
significant contributor to receiver time delay. (The narrow
bandwidth is required to reject a nearby image of the second
mixer.) The 3 pole filter which will have a total time delay at
midband of about 38 nanoseconds. The estimated time delay

mismatch between filters, over an operating temperature range of
-25 °C to +40 °C, is then:

38 x 1079 sec x 1073 sec per *C x 65 degrees C or
approximately 25 picoseconds.

Individual modules in an array can have temperatures which
differ by as much as 10 °C for typical flow rates of the cooling
air. The time delay mismatch for this factor is equal to:
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28 x 107% x 10~¢ sec per *C X 10 degrees C or
approximately 38 picoseconds.

The worst case time delay differences between two filters is
when the mismatched filters are also at different temperatures;
the delay is then the sum of both or 63 picoseconds. Equation
A-11 from Appendix A may be used to convert this time difference
into its eguivalent effect on the correlation coefficient. The
correlation coefficient for the 0.5 MHz bandwidth is then
0.999999997 (-84.9 dB).

2.4.5 Image rejection. The nmismatch error between
receivers, in the image response region, will be modeled with
the assumption that the phase and amplitude of any image cutput
is completely decorrelated from receiver channel to receiver
channel. Noise jamming at the image frequency of the receiver
first down conversion is then decorrelated between receiver
channels. If the image rejection filter has sufficient
attenuation in the image frequency region, the decorrelated
noise will have only a minor impact on subsequent processing of
the receiver outputs. The image relection of the receiver is
normally specified in dB, hence, the image rejection can be
directly translated into the correlation factor. A high first
IF frequency is normally used to provide adequate separation of
the pass region and rejection regions of the image reject
filter. For the 2.225 GHz first IF frequency, the image
response is -60 dB, hence, the correlation coefficient is
0.99999900 (~-60.0 dB).

2.4.6 Second j~-f section amplitude ase smatches.
The first i~-f balanced mixer has an amplitude ripple of 0.7 4B
across a 1.2 GHz bandwidth or 0.000252 db variation across a
0.5 MHz bandwidth. The phase ripple is approximately 7° over
the 1200 MHz or 0.00292° across the 0.5 MHz bandwidth. The
worst case difference errors between two mixers occurs when
their ripples are out of phase leading to peak errors twice as
large (0.000584 dB and 0.00584°) as for one mixe}. The rms
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value of the amplitude and phase ripples is 0.000169 4B and
0.00169°.

The major contributor to amplitude and phase mismatches in
the second i-f section is the Surface Acoustic Wave (SAW) filter
which sets the frequency response of the analog portion of the
receiver module. A requirement for a rapid transition between
the pass band and rejection band results in many tuned sections
in the SAW filter to control the response shape; the pass band
phase and ripple is typically closely spaced in frequency and
aifficult to correct. The match between filters that is
practical to achieve in these high guality but low cost Saw
filters is 0.15 dB peak to peak (.0530 dB rms) residual
amplitude ripple and a 1.0° peak to peak (.354° rms) residual
phase ripple. Equation A~7 from Appendix A may be used to
convert the phase and amplitude residual ripple into the
correlation coefficient. The correlation coefficient for the
SAW filter phase and amplitude ripple is 0.9999244 (-41.2 dB).

2.4.7 SAW filter time delay & fregquency mismatch., Since
the SAW filters is the narrowest analog filter in the receiver,
it alsc has the longest insertion delay. The SAW filter will
have a longer time delay than that due to its bandwidth and
response shape alone; the transducers are spaced by more then
the minimum spacing required for the filter section to reduce
other sources of coupling in the filter. The total SAW filter
time delay will be about three microseconds. The time delay
sensitivity to temperature change in the SAW filter is dependent
on the substrate material that is used to build the filter. For
tithium Niobate SAW filters, the time delay temperature
coefficient will be about 90 parts per miliion per °C. Tracking
of the time delay coefficient between filters, however, is quite
good (typically one percent) allowing the filters to operate
over a large temperature range if there is only a small
temperature difference between the SAW filters. Keeping the SAW
filter out of the array can help to reduce the temperature range
that the SAW is exposed to and make it easier to minimize
terperature differences between filters. ’
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The SAW filter insertion delay error will be modeled with a
nominal insertion time delay of 3 microseconds and a 5° rms
random temperature variation between SAW filters. This gives a
time delay mismatch of 1350 picoseconds for a lithium niobate
filter. When this time delay mismatch is used in equation 11
from Appendix A, the correlation coefficient for the 0.5 MHz
bandwidth is found to be 0.999998501 (~58.2 dB).

The manufacturing tolerances on the center fregquency match
between SAW filters is about # 0.04% peak or 0.0133% rms of the
center frequency. For the 45.0 MHz IF frequency SAW filter,
this corresponds to a frequency « fference of 5.985 kHz or 1.2 %
of the final signal band width. An approach to modeiing the
impact of the center frequency difference error is to consider
that the mismatch produces an uncorrelated ncise residue from
the regions of the filter response where the two filters do not
overlap each other. For the two 0.5 MHz rectangular frequency
response filters, the responses can differ by 0.0133% times
square root of 2 or 0.01881% in center frequency. For the 45
MHz IF frequency, this results in a correlation coefficient
equal to 0.99971 (-35.4 dB down}.
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2.4.8 Synchronous detector mismatch. The synchronous
detector has an amplitude ripple of 0.075 dB across a 5 MHz
bandwidth or 0.0075 dB variation across a 0.5 MHz bandwidth.
The phase rippie is approximately 0.4* over 5 MHz or 0.04°
across the 0.5 MHz bandwidth. The worst case difference errors
between two mixers occurs when their ripples are out of phase 1
leading to peak errors twice as large (0.015 dB and 0.08°) as 3
for one mixer. The rms value of the amplitude and phase ripples
is 0.0053 dB and 0.028°.

The synchronous detector has a maximum amplitude unbalance
of 1 dB maximum and a phase unbalance of %+ 5° maximum over the
5 MHz video output bandwidth. Much of the synchronous detector
error would be in the form of a residual bias; the amplitude and 4
phase unbalance are corrected at the midband frequency leaving a
potential error at other frequencies over the 0.25 MHz video
bandwidth. Assuming that a quarter of the amplffude and phase 4
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unbalance error is frequency sensitive, the amplitude error
would be 0.025 dB and 0.25° maximum at the edge of the 0.25 MHz
bandwidth video output. The rms amplitude and phase errors
would then be 0.00722 dB and 0.0722°* assuming a linear increase
in the phase and amplitude errors.

2.4.9 Analog/digital conversion erroxrs. Jitter in the /D
sampling aperture results in a difference in the correlation
coefficient between two receiver channels. In the Analog
Devices HTC 300 Track and Hold (which determines the jitter
during A/D conversion), the sampling aperture jitter is
specified to be 100 picoseconds. Equation 17, in Appendix A,
gives the correlation coefficient for a rectanguiar filter. For
a bandwidth of 0.5 MHz and 100 picoseconds aperture jitter the
correlation coefficient is 0.999999995 (-82.6 dB).

The track and hold (T/H) amplifiers used in each receiver
channel will have different aperture delays; thus, even with no
time skew in the clock spplied to individual receiver channels
there will be fixed time skews in the output signal samples from
each receiver channel. The manufacturer usuvally specifies the
aperture delay of the T/H but not the variance in delay; the
user must make his own estimate of what the variation is. oOur
experience has shown that the peak variation in aperture delays
is frequently as much as 0.3 of the nominal aperture delays (30
naneseconds for HTC 300 T/H). Taking the 30 nanoseconds as the
+ 3 sigma variation in time delay, the rms variation between
receiver channels is 5 nanoseconds. Using equation 17, in
Appendix A, the expected correlation coefficient between
receiver channels is 0.999986292 (48.6 dB) for a 5.0 nanosecond
rms aperturs error and the 0.5 MHz signal bandwidth.

A time delay trim in the clock circuit of the T/H amplifiers
allows the I and Q outputs to be aligned within 1 nanosezond.
The 1 nancsecond delay between the I and Q track and hold amp~
1ifiers introduces a frequency sensitive rhase error between the
I and Q samples of 0,09° at the edge of a 250 kHz video band-
width or 0.026° rms phase errcr (the I and Q chgpnel amplitudes
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are unaffected by the time delay difference) the error results
in a correlation coefficient of 0.999999784 (-66.9 dB).

After calibration, the gain of the Q channels is normalized
to equal the I channel and the phase angle is corrected to 30°';
the gain of each receiver is also normalized to a reference
receiver. All of the gain and phase normalizations are relative
the receiver responses at nominally the center of the signal
bandwidth (at each operating frequency). The video amplifier
and A/D converter frequency responses, however, will vary across
receiver channels and between I and Q channels within each
receiver. These gain differences will lead to decorrelation of
any jamming noise input. The analcg bandwidch of the channel is
estimated to be 3.0 MHz with abocut a % 10% variance in the
response. The equivalent peak gain difference in each channel,
at 250 kHz, is 0.073 dB and 0.48° in phass. The rms error
between the I and Q components and between two channels is 0.042
dB and 0.28°; the correlation coefficient is then 0.9999953
(-43.2 dB)

The A/D sampling rate is 500 kHz, video noise components
greater then 250 kHz will be aliased into the guantized pass
band. The SAW filter output is specified to be more then 40 4B
down 750 kHz away from the filter center frequency. The noise
beyond 250 kHz, that is passed by the SAW filter is only
partially correlated between receiver channels because of
amplitude and phase differences between filters in their
rejection region. It is estimated that the aliased noise power
in the passband will be 50 dB helow the signal in the passband;
the aliased noise correlation coefficient is ~50.0 dB (0.99998).

2.4.10 Dynamic range impact on noise correlavion. The
remainder of the receiver error budget is determined by dynamic
range related factors. The three primary error effects related
to receiver dynamic range are:

1) Receiver third order intercept (including A/D converter)
2) A/D quantization noise

3) A/D full scale voltage (saturation effects)
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The derivations of the equations which show the impact of
these effects is given in Appendix A. Representative values of
the previous factors will be used to estimate the impact on
receiver channel correlation.

Equation A-53, in Appendix A, sanows the relationship between
the thira order intercept point and the operating level for the
correlated (jamming) power signal. The Cancellation Ratio Limit
{CRL) is equal to 20 log of the ratio of the third order
intercept peoint to the power ievel of the noise less 7.782 dB.

A 42.2 4B CRL (for example) requires a 3rd order intercept point
25 dB above the jamming power. This assumes independence of
third order intermodulation products from one receiver to the
next, which has been a good working model in the past.

The dynamic range of the analog portion of the DBF receivers
is 53.2 dB, at the 1 dB gain compression point. At the 1 dB
compression point, the third order intermodulation procducts are
20 aB down and the third order intercept point is 63.2 dB above
the external noise level.

The 3rd order intercept point of the A/D converter is also a
faccor which impacts the CRL of the receivers. The full scale
limit, for a sine wave input to the DBF receiver A/D converters,
is 9.7 dBm. In a tws tone test intermodulation distortion test,
the peak amplitude of the sum of the two tones must be less then
full scale; each tcone must be restricted to 3.7 dBm in the DBF
receivers. Intermodulation distortion test data has been taken
on the Analog Devices HAS1002 1 MHz, 10 bit A/D converter with
the HTC 0300 track and hold amplifier preceding the converter
(the devices used in the DBF recaivers). The 3rd order Inter
Modulation Product (IMF} level was 46 dB below the Jtput level
of the two tones for nominal 50 kHz CW signals which were 6.5 4F
below the full scala input for the converter. The total signal
power input to the converter is then 9.7 dBm and the implied 3rd
order intercept point is 32.7 dBm (46/2 + 9.7). (The typical
definition for an analeg device has been used for the A/D
converter although the A/D converter is a hybrid analog/digital
device.)
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The third order non-linearities of the A/D converter, at a
9.7 dBm noise power input level to the A/D converter, would
decrease the CRL to 38.2 dB (2 x 23 ~ 7.8). If the rms level
of the noise power is at 9.7 dBm, the noise level is only 3 dB
below the peak range of the A/D converter and many noise samples
will be clipped when the A/D converter saturates, The A/D
saturation significantly impacts the cancellation ratioc ¢f the
receivers (discussed in section 2.3 of Appendix A). It is
therefore necessary to reduce the noise power level at the A/D
converter input to limit the number of noise peaks that reach
saturation. Equation A-73 in the preceding section of the
Appendix defines the overflow residue power generated by the A/D
converter (relative to the noise power) for the ratio of the
peak maximum bipolar quantizing voltage level to the noise power
level. The accompanying table (Table A-6) in the Appendix shows
that the noise power should be 10.8 dB below the peak A/D
voltage to keep the saturation overflow power 40.6 4B down. The
noise power level must therefore be decreased by 7.8 dB (to 1.9
dBm) to reduce the impact on CRL from clipping of the noise
peaks; the decrease in the noise level raises the ratio of the
third order intercept point to the noise level to 30.8 dB and
hence the CRL would increase to 53.8 dB. Because of the large
irpact of clipping noise peaks, the A/D converter must be oper-
ated at a level at which the 2rd order intercept CRL is not the
significant contributor to uncorrelated noise.

A/D differential linearity accounts for the fact that A/D
converters are not perfect quantizers and there will be excess
quantization noise beyond the "ideal' quantization noise. Orne
method for describing the excess noise of the A/D is to specify
the differential linearity relative to the least significant bit
(LSB) of the converter. The differential linearity of the con-
verter (typically equal to 0.5 of the LSB) is usually measured
with a slowing moving input voltage which is equivalent to
measuring the converter characteristics when quantizing DC. 1In
many converters, the A/D converter noise output is significantly
higher when guantizing signals at the frequency the specified
sanpling frequency would presumably support.
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A more useful measurement of excess aoise generated by the
A/D converter (or the effective number of bits) is cbtained by
spectrally analyzing the A/D converter output when quantizing
two equal power signals; the signals are adjusted to have a
combined peak power less then the A/D saturation point anrd to be
in the frequency range of interest. The noise power output from
the converter is determined after excludiug all coherent
interference terms generated by the A/D non-linearities =ang
normalizing the level by the integration gain of *he spectral
analysis processing.

In section 2.2 of Appendix A, the effects of A/D
quantization and threshold noise are considered. As shown in
equation A-57 in the Appendix, a 0.5 LSB differential lirearity
will raise the guantizaticn noise from the 1712 of the
quantization interval squared to 5/48ths ¢f the quantization
interval squared. When the external receiver noise is set equal
to 1 LSB of the A/D converter, the "ideal® quantizer raises the
effective noise level by 0.35 dB; when the differential
linearity noise is considered, the noise level is raised by 0.43
dB. If the converter quantization noise level rises when the
input frequency being quantized is raised, the effective number
of bits is effectively reduced and higher quantization lcsses
will be seen then shown here. The level of correlated spectral
interference components also rise when the converter exhibits
higher quantization noise with higher input frequencies:
converters with such characteristics should not be used if their
are alternative low noise A/D converters.

The dynamic range of the A/D converter will be specified in
terms of the maximun. jammer to noise ratio (JINR) that it can
handle for a specified noise cancellation ratic. The starting
point is the dynamic range of the ideal covverter with a cW
input signal and the external noise sat egual to the LSB (ncise
sigma to q ratio of 1) of the converter. Eguation A-79% in
Section 2.4 of Appendix A shows that this reduces to just 6.02
(N=-1) dB when the sigma to g ratio is 1. For & 10 bit
converter, this dynamic range would be 54.18 GB.,
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The dynamic range ¢f tha converter must be redused because
noise clipping reduces the CRL. As discusssd previcusly, it was
ngcessary te reduce the jameing nolse level to 10.8 4P below
full scale to limit the averflow power due to asnise civpping et
~40.6 48, The usadle dynznic range of ths convertsr is then
10.8 dB less then 54.1 4B or 43.4 dB. Finaily the A/D
differsntial non-linearity rasults in 2 0.43 8B incresse in the
noise floor; the net 2/D converter dynamic range ic then £3.0 ¢B
{or the Jevaing rower.

Tablie 3 aummrrizes all of vhe facrtors discussed in this
cection for tne test bed receivars., The UBF raceivers have 10
kit a/R convertexs and = 0.5 MHz nignal bardwidth. The SAW
fiiter center frequsncy mismatch is the lergest confributer to
the correlation arrors =shown in Takle 3 because of the narrow
bandwidth of the SaW filter. The bandwidtz of the SavW filter
coulg be increased up te 10 Mz (for wider bkand applications)
without changing the rilter cenier fraguency; the center
frequency mismatch errcr would then nef be the limiting
perforpance factor.

The correlation factur product compares the overall
responses of two recsiver channels and provides an estimate of
the relative level of the noise rasidue after applying idasntical
wide bandwidth noise to each receiver chsnnal ingut amd vsking
the difference of thair outputs. Extending the coxrelation
factor to an array, the array gain factor will reduce the
effective level of the residue. In the case of a 32 elsment
array with unit weighting on each elemental receiver, the array
gain factor is 15.1 dB reducing the cancelled noise residue from
~32.7 dB to 47.8 dB.
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Table

Error source

e

Error magnitude
{rms)

RF image filter
RF mixer

First i-f filter
IF filter time delay

RF image rejection
Firet i-f mixer
SAW filter

SAW time delay

SAW freqg. mismatch

Synchronous detector

0.0003 dB & 0.0175°
0.00019 dB & 0.00133°

0.00243 dB & 0.0964°
63 picoseconds

60 dB

0.000164 dB & 0.00169°
0.0530 dB & 0.354°
1350 picoseconds

¢.0133% rms

0.0053 @B & 0.028°

Detector I/Q mismatch 0.00722 dB & 0.0722°

A/D aperture jitter
A/D ch to ch delay
A/D 1/Q mismatch

100 picoseconds
$ nanoseconds
1 nanosecond

A/D freq. sensitivity 0.042 dB & 0.28°

A/D noise aliasing

3rd order IM prod.
A/D saturation level
4/D dynamic range

50 dB

SUBTOTAL =

61.6 4B
10.8 4B
43.4 dB (10 bits)

TOTAL =

33

Receiver correlation errors

Correlation
Factor dB
.999999906 ~70.2
.9998999%9 -B89.9
.999997091 =~55.4
.999999997 -84.9
.999999000 ~60.0
.999999599 -89.1
9999244 ~41.2
.999998501 -58.2
.99971 -35.4
.999999389 ~62.1
.993997721 -~56.4
.999999995 ~82.6
.999986292 ~4R8.6
.9989599784 ~66.9
.99389953 -~43.2
.9999900 -50.0
.9895974 ~34.0
.999995831 ~E53.8
.9599129 ~40.6
.9999543 ~43.4
.9994605  -32.7
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2,4.11 calibration signal requirements. A calibration
signal must be inserted into each receiver channel periodically
to compensate for differential amplitude and phase drifts in the
equipment. The calibration system compensates for insertion
phase delay and amplitude differences in the receiver channels.
Manufacturing costs can be reduced because LO distribution and
signal cable do not need tc be precisely trimmed to obtain elec~
trical length matches and subassemblies do not require precision
trimming and may be used interchangeably thrcugh out the systesm.

The signal to noise ratio (SNR) of the calibration signal
at the receiver outputs must be high encugh to permit the ampli-
tude and phase correction factors to be accurately estimated; an
insufficient SNR could lead to insertion phase and amplitude cor
rections that decrease channel to channel correlation. The
calibration signal SNR may be improved by coherently integrating
a longer time sample of the calibration signal. Long integra-
tion times may also be required to achieve sufficient signal to
interference ratios when ECM is present.

Integration of the calibration signal to obtain sufficient
SNR for a calibration measurement decreases the time available
for normal receiver operations. In addition, the stability of
the calibration signal source limits the gain enhancement that
can be obtainsd by coherent integration. However, some
noncoherent integration can be substituted for coherent integra-
tion to alleviate stobility regquirements in the signal source.

The accuracy of the calibration correction is ultimately
limited by the accuracy to which the calibration signal phase
and amplitude can be measured at the output of the calibration
coupler in the receiver channel input. By measuring the inser-
tion phase and loss of the feed network with a network analyzer
and incorporating those correction factors in the processing of
the calibration signal, the calibration system accuracy will be
determined by the accuracy of the network analyzer. The network
analyzer differential accuracy is sufficient to obtain the phase
and amplitude matches required for a 50 dB correlation level.
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2.5 ARRAY SELF CALIBRATION TECHNIQUES.

In the precedinyg analysis of channel to channel correla-
tion, the insertion gain and phase of the receiver channels was
assumed to be matched at the center of the signal passband for
each operating freguency; hence, the insertion gain and phase
errors were unbilased. Although insertion phase and gain correc-
tions could be built into the receiver channels to eliminate
bias errors at each operating frequency, many of the bias errors
are sensitive to operating temperature, supply voltages and
component aging. It is necessary, therefore, to incorporate
calibration equipment into a DBF array to permit the insertion
phase and gain corrections to be updated whenever operating
conditions change. Ideally, the array calibration approach
should account for all errors in the array components and have
an inherent error significantly less then the maximum acceptable
channel insertion phase and gain error.

The calibration technique which permits all component
errors to be corrected is only achieved on an ideal pattern
range or compact range facility with an equivalent far field
source and an environment free of reflections and interference.
The array calibration system, however, must be able to correct
array transfer functions bias errors under field conditions with
typical sources of interference and including non-ideal siting
locations. Table 4 summarizes advantages and disadvantages of
several calibration techniques for operational type array
environments.

In Tahle 4, the two far-field calibration apprecaches permit
the array radiating element characteristics to he included in
the calibration. Both methods, however, are not suited to field
equipnment where frequent calibraticn is regquired. The airborne
source 1is expensive to use and its angular position, relative to
the array face, must be accurately known to derive phase
calibration data. Suitable sites for a fized far-field source
are frequently not available at typical field sites; in
addition, the need to enplace a far-field source as well as the
DBF radar dimirishes the radar mobility.
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DAC

Airborne
Source

Far-~Field
[ Scurce

Near-Field
Source

Aperture
Probe

Aperture
Face
Coupling

Precision

, Corporate
Calibration
Feed

Precision
Element
Loop
Calibration
Feed

Table 4.

Advantages

Array Calibration Techniques.

bisadvantages

Includes array face
environment. No added
array complexity

Includes array face
environment. No added
array complexity.

Includes array face
environment. No added
array complexity.

Partial face environ-
ment. No added array
complexity.

Partial face
environment. No added
array complexity.

Self-contained. High
isolation between
taps. Tap mismatch
errors uncorrelated.

Self-contained. Self-
test of calibration
feed ports. Self-
compensating on port
cutputs.,

Must accurately locate
source. Logistically
expensive.

Problems in siting
source. Multipath
effects. Not suitable
for mobile DBF system.

Accurate source posit-
ioning required.
Multipath effects.

Accurate probe posit-
ioning required. Channel
drift during measurement.

Large dynamic range
required. Accuracy of
end coupled data.

Array face errors not
included. cCalibration
feed nust be calibrated
Questionable long-term
accuracy.

Arrey face errors not
included. Feed input
must ha.e low VSWR.
Mismatch errors at port
couplers are correlated.
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The near-field source calibration approach also permits the 3
array element characteristics to be included. The position of
the source and the orientation of the array face relative to the
source must be accurately known in order to compensate the array
calibration data (for the near field phase front distortion) and {
be able to use the compensated data to correct the elemental
receiver insertion gain and phase. It will also be difficult, 1?
in most cases, to find locations in a field environment for the
source where there are not significant multipath effects.

The aperture probe calibration approach overcomes many of i
the previous limitations in siting of the source. A precision
positioning system is required, however, to accurately place the
probe over each element grid location for an insertion phase and
amplitude measurement. The drift in the insertion phase and f
gain of a receiver channel over the time required to move the
probe over the array to calibrate the overall array decreases
the accuracy of any measurement. With the both the far-field
and near-field sources, it was possible to simultaneously col~
lect calibration data from all of the array elemental receivers
which eliminates drift as a factor in the measurement errors.

In the aperture face coupling approach, an array auxiliary
element (or possibly several) is used as the source to couple
the calibration signal into the active elements of the array.
Since the calibration source is part of the array, the approach
eliminates the logistic problems of the external source
approaches while seemingly including the array face environment
in the calibration path. This calibration approach is subject
to error, however, because the mutual coupling between elements
drops off for elements not near the source element resulting in
a large variation, across the array face, in the signal level
input to the elemental receiver channels. The elemental
receiver channels must have a large dynamic range to have
sufficient signal-to-nocise ratio to calibrate the receiver with
the lowest mutual coupling and not saturats the receiver which
has the highest mutuwal coupling. The dipole radiating element f
is particularly difficult to calibrate by the aperture face
coupling calibration approach since mutual coupling is

hadn 4
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relatively low for elements several wavelengths away. A second
factor which decreases the accuracy of the aperture face cou-
pling approach is that the test signal arrival angle is at end
fire with respect to the array elements and not at the arrival {
angle which iz normally used for forming the beams. 1
The two approaches using calibration feeds yield self con- ‘ 3
tained calibration systems which can be accessed as frequently ]
as needed when the array environment changes require a new set
of calibration corrections (subject to operational constraints
on time allocated for maintenance and calibration). The inser-
tion phase and gain variations in the radlating element path,
however, are not included in the calibration feed path which
leaves a petential residual error in each receiver channel. It
is imperative for low sidelobes that the radiating elements
paths have essentially the same transfer function if there is no
means of determining the variations in the radiating element 1
path. The variations in the radiating element insertion phase ]
and gain are reduced by close tolerances on the element size,
position relative to the ground plane and array grid, and the
dielectric properties of the materials making up the element
(and radome cecver); in addition, variations in the mutual
coupling of the elements as a function of element location in
the array are reduced by adding several rows and columns of

g

dummy elements around the perimeter of the array to make the
active element environmental more uniform across the array.

Even with the use of dunry elements and close control of the
array radiating element construction and placement, the residual
radiating element insertion phase and gain errors may be too
large for desired level of sidelobes. It may be necessary to 1
neasure the transfer function of the radiating elements after
the array is assembled and modify the calibrztion data measured
for each elemental receiver by the complex array element trans-
form to achieve the desired level of sidelobe control.

2.5.1 Precision corporate calibration feed. The precision
corporate calibration feed has high isolation between the feed
output ports; a reflectiocn from a mismatch at the connection to
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the monitoring port on the elemental receivers is attenuated by
the isolation between feed ports and has minimal effect on any
other port output. The distribution loss for the calibration
signal through the corporate feed is equal to the splitting loss
for the number of taps plus a small loss for the attenuation of
the feed and cable interconnections. The construction errors in
the corporate calibration feed distribution will be too high to
use the feed outputs without compensation corrections tc measure
the insertion phase and gain of the elemental receivers of a low
sidelobe array. Most applications will require a precision mea-
surement of the insertion phase and loss of the calibration feed
distribution (at each operating frequency) from the central
input point on the feed to each receiver channel calibration
input {including any cables on the output of the calibration
feed). This will require, therefore, that the calibraticn feed
system be measured after the feed system is assembled into an
array so the measurements include the in situ insertion phase
and attenruation all of the connections in the calibration path.

The corporate calibration feed has deficiency areas; an aux-
iliary calibration method is required to permit the calibration
feed system to be monitored periodically. There must also be
provisions, either through the feed system construction or a cor-
rection algorithm, to maintain accuracy over the operating tem-
perature range. Differential phase errors may be avoided in the
corporate calibration feed system by making all signal path
lengths equal in length, have the same electrical sensitivity to
changes in temperature and have a uniform thermal environment.
Even though the corporate feed is composed of passive microwave
components (assumes that the only amplifier is external to the
feed), there is the potential for long term small changes in the
feed losses and an electrical change at a coaxial connection due
to some swall mechanical disturbance. The calibration feed then
may require recalibration of its transfer function from time to
time to maintain system accuracy. In a large array with many
calibration ports on a feed, the depth needed to fit the power
dividers in may lead to a problem in the space gvallable to fit
the feed into the DBF array.
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2.5.2 Precasion element loop calibration feed. An
alternative calibration feed concept, the precision element loop
calibration feed, has features which eliminate some of the
problems discussed in the previous paragraph. The essential
features of the loop calibration feed are shown in Figure 4
which illustrates the feed applied to a row of an array. The
calibraticn source has two paths to each elemental receiver
coupling port (Toy). The calibration feed ports utilize a
non-directional single hole coupler, in a strip line feed
implementation, to sample signals from the main transmission
line of the feed; the coupling coefficient at a port is
therefore identical from either path through the feed.
Calibration of an elemental receiver channel requires two
measurements with the loop calibration feed for each receiver
channel. The calibration test signal output from the receiver
channel must be measured with the test signal successively fed
from each side of the loop feed, The complex vector product of
the two measurements represents the transfer function for the
receiver channel. The insertion phase and attenuation of the
entire feed is included in each pair of measurements when the
vector product of the two measurements is used. Variations in
the location of the calibration test port and the phase shift
and attenuation of the signal through the feed cancel out when
the measurements to an output tap from each side of the feed are
combined. The calibration measurements are insensitive to
thermal expansion changes in the feed.

The loop calibration feed uses a single hole coupler for
each receive element port. The single hole coupler consists of
a small aperture in the ground plane above the strip line
transmission line that passes through the length of the feed.
Energy would normally be uniformly coupled from the main line
into the region around the hole on the top side of the coupling
hole defined by the space between the ground planes, The region
above the coupling hole on the topside is modified, however by
channei walls which create a waveguide region orthogonal to the
main transmission line. The channel confines the coupled energy
and isolates successive taps on the strip line transmission
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line. In the channel, energy is propagated in two directions
towards an absorptive load and towards a strip line coupler
which is the calibration output port. A low coupling loss in
the non-directicnal coupler is desirable to minimize calibration
signal attenuation and interference from signal leakage; a high
coupling loss is desirable to minimize reflections from
mismatches at the coupling apertures. A typical coupling value
for the non-~directional single hole coupler is =35 dB; the
coupling on the calibration output poxt coupler is -20 d4B. The
total port insertion loss in the feed is then -55 dB plus a
small loss for the energy coupled out of the other taps on the
main feed line and the ohmic lecss of the main strip line.

The calibration measurement at each port of the feed is
accomplished by setting the calibration switch in the direction
to propagate Vj,. ; (the signal entering the left side of the
feed) and then simultaneously measuring all of the elemental
receiver complex (I and Q) outputs (Vy,) for each tap. This
is closely followed by the second set of measurements of the
elemental receiver complex (I and Q) outputs (Vy,) for each
tap, the calibration switch set to propagate Vj.. 5 into the
right side of the calibration loop. The desired elemental
channel transfer function (Tyy) is proportional to the vector
square root of the complex product of the measurements (Vy; *
Vkp) and the port coupling constant K. The relaticnships
between the measurements and the parameters of the loop
calibrator are as follows (all terms in the expressions are
complex quantities):

MEASURED VALUES
Vi1 * Vine 1 * Tak * Tex * Trx
V2 ® Vine 2 * Tox * Tcx * Trx
CALCULATED VALUES
A = Vi) * Vi
Trk = Kk * Sqrt(Ak)

Kl =  Sqrt(Vypc 3 * Yine 2)
K2 =  Sqrt(Ty, * Tay)

42

- . —————




Kl * K2 % T

The total port insertion loss (Tey) is designed to ke the
same for each receiver port. The square rcect of the source
voltage (K1) is a constant; the square rcot of the transfer
function aleong the loop calibrator main strip line (X2) is
independsnt of the port number. The calibration measurement is
then (considering first order error effects) dependent only on
having equal coupling through the single hole couplers and the
calibration cutput port couplers.

The computation of the elemental channel transfer function
(Tyy) requiras taking a square root of the complex signal.

The phase angle portion of the computation has a 180 degree
phase ambiguity. The phase ambiguity is resolved by using the
loop ~alibration measurements made from each side of the feed
along with the calculated insertion phase. 7The loop calibrator
introduces a phase gradient across the port measurements which
is constant for any calibration frequency. The calculated phase
angles are combined with the measurements made from one side of
the feed; the combined data contains the expected phase gradient
from using the measuvrements from one side. When the nominal
expected phase gradient is subtracted from the combined data,
the phase difference betwesn successive channels should be
constant, A 130 * phase discontinuity means the wrong phase
value (the ambiguous phase) was used from the computation of the
elementary channel transfer function.

A calibration error will result if there are uncompensated
differences between the couplers on each elemental receiver
port. Another source of calibration error is associated with
nismatches on the wain transmission line; the signal reflected
to the source from any mismatch on the transmission line also
couples to the ports between the mismatch and the source because
of the non-directional couplers. A mismatch at the load end of
the loop calibration feed produces a correlated error across all
of taps in the feed. The electrical distance of the tap spacing
on “he calibration feed, with typical elemental ceceiver
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spacings, is about 3/4 of a wavelength. The reflection from the
output end of the loop calipbration feed takes the form of being
a second (and much smaller) calibration signal with a different
phase slope then the main calibration signal. After calibra-~
tion, the second calibration signal results in a correlated side-
lobe scanned away frox the main beam position; the amplitude of
the sidelobe is proportional to the return loss of the mismatch.

The second source of mismatched on the main transmission
line is the individual non-directional couplers. The coupling
hole introducez a shunt lcad consisting of a small capacitance,
due to the magnitude of the coupling coefficient, in series witlh
a load representing the two propagation directions in the
channel. A shunt capacitance is also intrcduced by the coupling
hole, the impedance of this load can be altered (including
making it inductive) by matching circuits at the couplers. The
mismatch at the couplers also produces a correlated error signal
across the feed and 2 spurious sidelobe as in the case of the
lpad end mismetch. An analysis of the loop calibrator and the
effects of these errors appears in Appendix B.

2.5.3 Planar array loop caiibrator. An extension of the
loop calibrator to a planar array is shown in Figure 5. The
calibration test signal for each row of the planar array is
obtained from conventional power dividers. The power divider
provides a calibration test signal which is approximately the
same magnitude for all elements in the array. The receiver
insertion phase arnd gain measurements for each row in the array
are made in the same manner as descriked in Section 2.5.2. The
insertion phase and gain differences between rows is determined
by making a row to row measurement using a vertical loop calibra-
tor. The vertical loop calibrator connects the calibration
source to the center receiver port of each row calibration feed
in the planar array. The receiver ports on the row calibration
feeds are the cross channels which normally receive their signal
inputs from the single hole coupler on the row loop strip line.
The termination on the center receiver coupler port of the loop
calibrator is omitted in order to accept an input signal which
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Figure 5. Pianar Array Loop Calibrator
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is used in place of the normal row calibration signal during
vertical calibration. The vertical calibration measurement
provides a reference phase and gain correction value for the
receivers connected to the center of each row loop calibrator
which is used to normalize the transfer functicns of the receiv-
ers at the centers of each row. After all the row calibrations
are complete, the phase and gain corrections of each row can be
combined with the vertical phase and gain corrections can be
combinad into a unique phase and gain correction for each re-
ceiver channel which ellows all of the receiver channels inser-
tion phases and gains to he normalized to the common reference.

MPACT O CE_OF PECEY

The impact on array pattern measurements of uncorrected
elemental receiver bias errors are considered in this section.
The type errors considered include:

1) Uncorrelated DC offsets in the in-phase (I) and
quadrature phase (Q) components of the elemental receivers.
2) I and Q gain mismatch and phase errors in a receiver.

3) Insertion phase and gain differences between receivers.

The effect of the previous errors will be considered with
respect to the degradation in the sidelobe response of a 22
channel recejve line array when measured with a CW source on an
antenna test range.

2.6.1 Processin erformed to cbta antenna patterns. The
antenna response patterns of conventional antennas are typically
neasured with a CW source or a CW source modulated by a low
frequency square wave. Since the recording equipment is usually
equipped with a receiver with automatic frequency ccrrection,
the source frequency can be relatively unstable without
significant impact on power type antenna patterns.

A CW source is also used to measure a digital beamforming
(DBF) array receive patterns; there are, however, additional
restriction on the source. The DBF receivers are designed to
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use a phase stable LO source which i1s tuned to a discrete number
of freguencies across the agile bandwidth. The antenna test
range transmit source must be closely tuned to an operating
frequancy to obtain satisfactory arrvay pattern data. The
minimum recquirement for tuning the source is to be aligned with
the DBF operating frequency within 1/2 the matched filter
bandwidth (assumes i-f Zilter sets signal bandwidth). Under
minimum tuning alignment conditions, each time sample set from
the DBF receivers must be coherently combined in a beamformer
before successive time sample sets at the output of the beam-
former can be non-coherently combined to increase the signal to
noise ratio of the measurement. In the absence of a hardware
beamformer, excessive processing time is required to use this
approach for more then a few non-coherent samples.

If the source fregquency can be accurately tuned to the DBF
operating frequencies, the I and Q outputs of each individual
DBF receiver can be separately accumulated (effectively a
coherent integration of the CW signal by a filter matched to
zero offset or DC) prior to forming the beams. This later case
results in both a signal to noise enhancement and a narrower
output signal bandwidth). The overall processing complexity is
significantly reduced by this approach wh'ch makes it a desir-
able operating mode. The ccherent integration mode is assumed
for the following discussion.

The signal bandwidth of the example line array receivers is
determined by a 500 kHz bandwidth SAW filter in the i-f ampli~
fier; the I and Q outputs of the receiver synchronous detectors
are sampled at a 500 kHz rate by 10 bit A/D converters. Sixty-
four time samples of the 10 bit I and Q outputs are integrated
for each receiver prior to the digital beamformer processing.
The integration increases the signal to noise ratio of the
pattern measurements and decreases the data rate into the beam-
former processor by a factor of sixty-four. Unit weighting is
applied to the sixty-four samples which reduces the 250 kHz
video signal sandwidth to 7.8125 kHz before the beamfermer and
results in a sin(Nx)/sin(x) type amplitude response over the
input bandwidth determined by the SAW filter; the sin(Nx)/sin(x)
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sidelobes decay to -30.1 dB at 242.2 kHz (upper edge of the
video bandwidth before integraticn). To minimize signal
attenuation in the coherent integration filter, the pattern
measurement frequency source must be within 2 kHz of the array
operating frequency.

The pattern response of the line array is computed from the
integrated outputs of the thirty-two DBF receivers, after the
receivers responses have been normalized by calibration correc-
tion constants. The constants compensate the individual re-
ceiver outputs for I and Q amplitude balance, phase quadrature
and DC bias errors due to phase and amplitude errors associated
with the synchronous detector and A/D converter portion of the
receivers. The calibration constants also compensate for inser-
tion gain and phase differences between receivers. The normal-
ization approach is the szme when the DBF receivers are used in
an operational approach with the exception that there is no
integration prior to beamforming.

Amplitude weighting is alsc applied of the thirty-two phase
and amplitude corrected receiver outputs during beamforming to
suppress sidelobes. The Fast Fourier Transform (FFT) algorithm
is used to combine the thirty-~two receiver outputs and produce
phase steered beams. The FFT algorithm provides uniformly
spaced phase gradients over the range of * 180 degre2s; the
individual outputs from the FFT processing correspond to beams
uniformly spaced in T-plane space. A 256 point FFT transform is
used in the beamforming processing to obtain intermedijate
samples of the array facteor type antenna response. Each output
from the FFT beamformer corresponds to a specific beam pointing
angle; an array pattern response for a specific beam pointing
angle is obtained by rotating the array past the r-f source and
plotting the corresponding FFT output against the algebraic sum

of the array mechanical pointing angle and the beam electronic
scan angle.

2.6.2 Impact of recejver bias errors. The synchronous
detectors, video amplifiers and A/D converters in each receiver
channel are potential sources for DC bias errcrs in the I and Q
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output of the receiver. There are several sources for the DC
bias error in the I & Q outputs of a receiver channel ani ne
known systematic error factors that would correlate the bias
errors between receiver channels, the bias for the receiver
channels will, therefore, be assumed to be guassian distributed
with a zero mean. The factors which contribute to DC bias
errors normally change at relatively slow rates (in the order of
minutes). The I and Q bias from each receiver is, therefore,
constant over the 128 microsecond period required to collect 54
samples with a 0.5 MHz A/D sampling clock. Coherent integration
of sixty-four samples of the DC bias in each receiver channel
increases the DC levels by a factor of sixty-four. Coherent
integration of sixty-four samples »f the external noise and A/D
converter quantization noise increases the noise output level by
the sgquare root of the number of samples integrated (eight).

The r-f test signal used to characterize the array produces
a DC output when the signal is exactly centered in the receiver
bandpass. Coherent integration of the test signal will increase
the signal level by the number of samples combined (sixty-four
for the receive line array case). Since the processing gain for
both the test signal and the DC bias of the receiver is the same
in each receiver channel, no improvement is obtained in test
signal to DC bias levels after integration. The ratio of the
test signal to the receiver output noise level is, however,
increased by integration; the gain is equal to the square rooct
of the number of pulses which are coherently combined summed (by
eight for sixty-four samples).

Thirty-two receiver channels are combined in the digital
beamformer (FFT processor). The DC bias levels are considered
to ke uncorrelated from receiver to receiver; therefore, the
integration gain for both the receiver channel DC bias and noise
are the same or equal to the square root of the number of
channels combined (square root of 32) for uniformly weighted
signals from the receive line array. The test signal into the
array is, however, correlated from receiver channel to channel.
The output of the FFT beamformer which correspon@s to pointing
directly at the test source will be increased by the numker of
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receiver channels combined in the beamformer (thirty-two in the
receive line array). The net gain for the test sigmal through
the beamformer is then equal to the square root of the number of
receivers that are combined (square root of thirty-two in the
receive line array).

The receiver channel DC bias levels are determined during
calibration, the residual DC bias levels remaining after
calibration corrections are expected to be less than a fraction
of an 1lsb of the A/D converter. A residual DC bias level will
be a function of the accuracy of the determination of the bias
and the frequency with which the estimate is updated. As
indicated previously, the residual DBC bias level from the
receiver channels raise the effective noise level at the FFT
beanformer output. Figure 6 is a plot of the mean value and 3
sigma value of the output noise level from the beamformer, after
envelope detection, as a function of the rms DC bias level of
the receiver channels. It should be noted that the plot is not
normalized to unity gain for noise (noise output equal to the
noise input):; the plot shows the growth in noise level as a
function of the ratio of the residual DC bias ievel to the
quantization bit and includes the integration gain from summing
64 samples in each receiver channel and 32 receivers in the
beamformer. For the plot, the external noise was set equal to
the 2nd 1lsb of the A/D converter an operating point which
results in only 0.09 dB signal to noise ratio loss due to the
quantization noise from the A/D converter. The span of the
residual DC bias level in the plot was zero to three times the
external noise level. Figure 6 illustrates the significant
degradation in the noise floor for any array measurements if the
DC bias levels are not kept to fractions of a bit.

The DC bias level is statistically independent from receiver
to receiver channel; the bias from a receiver channel is,
however, highly correlated over time intervals of several
minutes. If the residual DC bias levels fror the receiver
channels are high (after calibration), the noise in the antenna
response patterns at the FFT beamformer output will be dominated
by the residual DC bias levels. The response of each beamformer
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output will remain relatively unchanged over intervals of
minutes because of the correlation of the DC bias levels.

Figure 7 shows the envelope detector statistical properties
of the beamformer output for responses measured during the
correlation period of the DC bias levels. The decrease in the
three sigma variance in the beamformer response noise level
(relative to Figure 6), when the DC bias level ratio is high,
reflects that the noise in each receiver channel is dominated by
the residual DC bias levels.

The largest CW test signal, that can be used with the 10 bit
A/D converter without limiting, produces an output at 117.4 dB
in Figures 6 and 7. If the DC bias levels of each receiver
channel are fully corrected, the maximum output signal at the
beamformer output will be approximately 76 dB above the mean
value of the external receiver noise and 68 dB above the ncise
peaks. A residual DT bias level equal of only 0.5 of an lsb of
the A/D converter reduces the antenna pattern dynamic range by 8
dB.

52

iy




Mean, 3 ¢

dB
&5 =
/
s // 1 // 1
-~ r
vl e
Ith,d3dh /// ’//, ]
e
= L
/

e

o] k 3 4
h

20

Rati1o of channel DC bias to lsb of quantizer

Faigure 7. Short Term Noise Level From Beamformer

53




l'lllllll"lllll""l"l"""""""""""""""""l""""""""""'""F"l!""'!?llllllll

SECTION 3 ﬂ
IMPLEMENTATION PHASE

3.1 INTRODUCTION
The principal tasks accomplished during the implementation 1
phase included:
1) Design, fabrication and test of a subarray element and a
thirty-two element line array.
2) Fabrication and test of a unique "loop type" calibration
feed for the thirty-two element array. :
1
]

3) Fabrication and test of thirty-two elemental C-band
receivers with A/D converters and an 1O systen.

4) Design, fabrication and test of a recording system to
enable calibration and detailed pattern measurements of the
thirty~-two element test bed array.

5) Implementation of control softwars to permit calibration
of the array and collection of pattern data on an antenna
test range.

The specification for the DBSA test bed thirty-two element
line array hardware has been adapted from the design of a |
digital beamforming line array developed by General Electric for
its multistatic digital beamforming radar (DBR) test facility.
The elevation beam width is the major difference between the two
arrays. The DBR array is required to have a large elevation
bearwidth to span the volume illuminated by the multistatic
transmitters. The DBSA line array is intended to be used in
digital beamforming studies that include extensive measurements
on an antenna test range. A narrow elevation beamwidth is 1
needed in the DBSA application to minimize interference from
reflections during array testing.

The interface with the A/D converter outputs is also
different between the DBR and DBSA arrays because of their
differcnt applications. The DBSA array is interfaced to an
HP9836 desk top computer which is part of the test equipment at
the RADC Ispwich, Ma. antenna test facilities. $he computar
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controls the collection of the data from the DBSA array and the
position of the array rctator.

The computer is also used to process the thirty-two channel
receivar outputs from the array. The processing includes: 1
calibration, data correction and digital beamforming.
calibration weights for each receive channel are computed from 1
the calibration waveform outputs. The calibration weights are
applied to subsequent receive data to correct for errors in
insertion phase and gain, DC offsets and I/Q unbalance. An FFT i
algorithm is used to form simultaneous beams from the receive

Gy

data stored during a pattern measurement. The operator may ’E
select the scan range of the array rotator over which the pat-

tern data is collected. The digitally formed beam sets are f
reprocessed, for an operator selectable bheam position, teo create f

conventional antenna response patterns of output power level
versus azimuth angle.

A thirty-two element line array antenna, thirty-two
elemental receiver channels with 1Os, and a data recording
control unit were fabricated based on the equipment specifica-
tion defined in the study phase. The agile bandwidth of the 1
triple conversion elemental receivers is 5.2 to 5.7 GHz; the
signal bandwidth is 500 kHz. A pair of 10-bit A/D converters,
clocked at 500 kHz rate, are used in each receiver channel to
quantize the in-phase and quadrature phase (I & Q) outputs of
the receiver synchronous detectors. A loop type calibration
feed is used in the DBSA array.

The receive element subarray of the test bed array consists
of 8 vertically polarized, strip line dipole elements. A dummy
dipole is present on each sile of the 8 dipoles. The eight
active elements in the subarray are combined in a corporate
power combiner with unit weighting on each tap. The thirty-two
array elements are spaced at 0.51 of a wavelength at mid-band.

The characterization cof the digital beazmforming test bed
array and evaluation of digitally formed beam algcrithms are
being performed by members of the staff of the Electromagnetics
Development Directorate of the Rome Air Development Center at Hanscom
Air Force Base, the sponsors of the DBSA contract.
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3.2 DBSA REQUIREMENTS

The Digital Beamforming Steering Antenna (DBSA) test bed
array antenna is required to demonstrate the feasibility of self
calibration, in a digital beamforming system, as a means of
achieving pattern control over large bandwidths and dynamic
range in radar and communication antennas intended for demanding
tactical environments. The DBSA is intended to demonstrate
techniques which are applicable to antennas with 30-40 dB of
aperture gain and lcwer than 50 dB sidelobe levels.

The array self calibration techniques are required to be
consistent with various pattern control functions including:
open and closed loop adaptive null steering in sidelobe areas
and in the main beam, very low sidelobe antenna pattern
formation, or real time sidelobe control by varying aperture
weighting. The pattern control shculd be achieved with jamming
to self noise level (in an elemental receiver with a single
dipole element) greater then 30 dB for tactical stand off
jamming envircnments.

The DBS2 approach must be applicable to instantaneous
bandwidths that would be used in radars such as advanced
tactical surveillance radars; however the test bed equipment is
not required to incorporate wide bandwidth A/D converters and
calibration speed can dictate system bandwidth.

3.3 TEST BED ARCHITECTURE

The DBRA was constrained to 32 element<l receivers because
of implemertation cost issues. Since th objective of the
pregram was to investigate the effectiveness of self calibration
techniques to provide high ¢quality beams and contrel of beams
through digital beanmforming, it was necessary to select a
configuration for the elements that optimized measurement of low
sidelobes.

A two dimensional configuration of 32 elemental receive
elenents, such as a 4 element high by 8 element wide array,
leads to low resolution in both planes and limited sidelobe
suppression capability; this limits the capability to measure
array sidelobes pecause of the susceptibility to multipath

56




interference and limited useful data on array accuracy errors
due to the broad beamwidths (12.7° by 25.4° in an unweighted
array with elements spaced on half wavelength). Further the low
urray gain of only 20.0 dB limits system sensitivity. The array

beamwidths may be reduced {and the array gain is increased} by
spacing the elements further apart. The loss in scanning range
and departure from typical element spacings would make the test
results atypicai of most potential digital beamforming
applications making the increased performance of negligible
value.

The array bezmwidths may be decreased without increasing the
nunber of elemental receivers by using subarrays. As an
exanple, 4 elements may be combined in elevation increasing the
aperture size by a factor of 4 and allowing the beamwidths toc be
reduced in both planes; with a 8 element high by 16 element wide
array, the unweighted beamwidths would decrease to 6.35° by
12.7°* and the gain would increase to 26.0 dB, with elements
spaced on a half wave length. With 16 elemental receivers in
the horizontal plane, sidelobe evaluation would be enhanced and
a full range of electronic scan angles could be utilized. The
subarraying of 4 elements in the elevation plane, however,
significantly limits performance in that plane because of the
gratina lobes created by the subarrays. With only two elemental
receivers in the elevation plane, there is no useful way of
applying elevation amplituds weights in the digital beamformer;
the subarray com™'ners, however, cculd incorporate fixed
weighting to provide an elevation taper for sidelobe control.
With only two subarrays and fixed weighting in the elevation
plane, amplitude quantization sidelobes would not be presernt in
the elevation plane. The subarrayed elements would however
produce significant phase quantization sidelobes when the array
is scanned in elevation. With amplitude weightingy on the
subarrays the subarray pactern will be broaden and the
cancellation of the grating lobes at #30* will be xeduced
increasing sidelobes even with small scan angles. The expected

valus for the array grating lobes as a function of the subarray

57

oy
o




e

parameters has besen covered in the literature.? The sidelobe
performance in the elevation plane and the scanning capabilities
are limited by the use of subarrays. With only 32 active
elements in the array, there is limited performance value and
significant dilution of the array measurements to use an array
configuration that scans in both planes.

The final configuration considered was a horizontal line
array of the 32 elemental receivers with fixed subarrays in
elevation to reduce the elevation beamwidth. This provides the
nost effective utilization of the receivers for digital beam-
forming measurements.

3.4 TEST BED PARAMETERS

The paramneters of the DBSA equipment are given in Table 5.

A dipole is used for the subarray radiating element. The dipole
elenments are spaced 1.75" apart in the vertical plane and 1.10"
in the horizontal plane:; the horizontal spacing will support an
azimuth scan of # 55° over the frequency band. The elevation
beamwidth is established by a subarray of elght vertically
polarized dipoles; the eight dipoles are combined in a uniformly
welghted power combiner. A terminated dummy dipole is added at
each end cf the eight dipoles to decrease the variation in
nutual coupling across the subarray.

Thirty~two receivers and the local oscillators to run the
receivers are part of the test bed hardware. The receivers
include I and Q synchronous detectors with 10 bit I & Q digital
outputs sampled at 500 kHz rate. The I & Q data outputs are
collected in sample batches in a hardware buffer which can store
up to 256 samples from each receiver. A hardware sample
integrator on each I & Q output from the 32 re- ceiver channels
sums 64 samples in the pattern mode to reduce the data rate to
the computer and to enhance signal to neise ratio.

ZHailloux, Rebert J., "Array Grating lobas due to dj
Phase., Amplitude, apd Time Delay Quantization®” IEEE Transactions

on Antennas and Propagation, Vol. AP~32, Ko. 12, pp. 1364-68,
December 1984.
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The built in calibration system permits measurement of the
individual receiver channel critical alignment parameters and

calculation of correction weights.

The calibration corrections

are accomplished as part of the pattern data processing in the

HP 9836 computer.

Table 5. Test Bed Parameters.

ARRAY PARAMETERS
Frequency Band
Array Type
Array Element Type
Broadside Az. HPBW
Elevation HPBW
Azimuth Scan Capability

RECEIVER TERS
Receiver Type
Irage Rejection
Frequency Tuning
Short Term Stability
Instantaneous Signal BW
Noise Figure
Dynamic Range
A/D Converters
Sampling Rate
A/D Operating Point
Phase Mismatch
DC Offset
I & Q Delay Mismatch
zalibration Method

5.2 - 5.7 GHz

32-element line array + 4 dummies
8 dipole colurn + 2 dummies

4.2° (35 dB sidelobe taper)

7.9° (Uniform taper)

% 55°

Triple-conversion, frequency agile
50 dB

Twenty-six frequencies across band
1x 1072

500 kHz

4.5 dB

42 dB

10-bit I ané Q

0.5 MHz

RMS noise te quantizing bit = 2

< 2°' RMS

1/4 LsSB

<20 nanoseconds

Self-calibrating bilaterzl loop
including synchrorous detectors
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Table 5. Test Bed Parameters cont'd.

ECORDING co 0T, SUBSYSTE.
Pattern Data Buffer 256 I & Q words x 32 channels
sampling Interval 20 nmilliseconds minimum sampling
interval
Pattern Integration 64 I & Q sample pairs
Data Interface HP-IB interface to HP 9826
computer

CARLIBRATION SYSTEM
Channel Factors I & Q channel DC bias
I & Q amplitude balance
I & Q phase quadrature
Cross channel Factors Insertion phase match
Insertion gain match

3.5 IMP NTATION APPROACH

The self-calibration approach used in the DBSA egquipment
provides a means of accommodating to variations in the transfer
function of all the circuitry between the calibration reference
point and the digital I & Q outputs of the elemental receiver
channels. Variations in the transfer function of the circuitry
preceding the calibration point in the array, being outside the
calibration loop, will diminish the control over array sidelobes
that can be accomplished with self-calibration. Figure 8, the
DBSA System Block Diagram, illustrates the relationship between
the major assemblies which make up the DBSA equipment.

The dipole subarray and the interface to the calibration
feed are cutside of the calibration loop and therefore had
critical design tolerances. The dipole subarray, including the
dipole elements and the r-f power combiner were implemented as a
single strip line assembly to assure uniform performance between
subarrays. The strip line transmission lines and couplers which
make up the calibrator assembly were housed in 3 precision
machined frarme to contrsl assembly tolerances and signal leakage
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between adjacent calibrator taps. The subarray elements, the
array ground plane and the calibrator were designed as one
assembly and relied on direct connection of the subarray to the
calibrator, without the use of coax cables, to reduce insertion
phase variations.

The elemental receivers, which includes all of the receiver
circuitry from the low noise C~band r-f amplifier to the A/D
converter serial output registers, were implemented as
individual single interchangeakle assemblies. The exciter
assenbly used phase locked synthesizers and a common 5 MHz
reference source to generate all of the ILOs used in the system
(agile C-band 10, fixed LO for the 2nd i-f and synchronous
detector reference frequency). The A/D sampling clock was also
derived from the S Mz reference source. Only passive r-f power
dividers were used in the LO distribution to minimize phase and
amplitude fluctuations between receiver channels; all power
amplification preceded the power dividers. Insertion phase and
gain variations introduced by the 1O system are cancelled out by
the calibration system. The 1O system,; therefore, did not
require any precision components allowing commercially available
r-f pover dividers to be used in the distribution system.

The interface between a digital beamforming elemental
receiver array and the balance of the radar processing equipment
includes many more connections than a conventional array. In
most radar applications, it is desirable to separate the array
from the other portions of the radar. It is also desirable to
minimize the hardware included in the array enclosure because it
is subject to extremes in temperature and sun loading in an
operational environment. 1In addition, the access to the array
equipment is usually more difficult because of its mcunting
location and the need to preserve environmental protection.

When the separation between the array circuitry and the balance
of the radar equipment is long (>20 feet); it is desirable to
have only low frequency signals in the interface cabies to
ninimize signal attenuation and reduce the frequency sensitivity
of reflections on the transmission line. It is tindesirable,
however, to have base band video signals in the array interface
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connections because of the difficulty in isolating the signals
from noise interference near DC and the power line freguencies.
The last i-f frequency is than the lowest analog frequency which
can be used in the array interface without special circuitry to
cancel noise interference.

A digital interface can be made between the array and the
rest of the radar when the A/D converters are included in the
array equipment; the digital signals are less vulnerable to
noise and interference pick up than the base band video is. The
lowest bandwidth interface, a parallel output, requires many
more connections than the analog interface. With 10 bit A/D
converters, for example, there are 20 connections per channel as
opposed to 1 connection when an i-f interface is used. If a
serial output is used at the interface, the number of
interconnections can be reduced to one per channel if the clock
rate needed to transfer the I and Q outputs on the same output
does not become excessive. In the DBSA configuration, the aA/D
converter sampling rate is only 0.5 MHz which requires a minimunm
transfer rate of 10 MHz on the serial output.

In Figure 8, the Recording and Control Subsystem has 32
serial inputs from the array corresponding to the 32 elemental
receivers. Signal data from the array is collected in
contiquous blocks of 256 or 64 samples depending if the data is
to be used for array calibration or for array pattern
measurements. The instantanecus data rate from the array is 48
Megabytes per second (byte equals 8 bits, 3 bytes required for
each I & Q pair collected frcm each receiver)}. The HP 9336
computer used to process the array data can not accept data at a
48 Megabyte rate and requires an external buffer mensry to
retain the data block and output at the channel rate that the
computer can accept (about 300 Kilobytes per second).

3.5.1 Subarray element design. The subarray dipcle antenna
consists of eight vertically polarized dipsie elements spaced on
1.75 inch centers. The dipoles are fed with a uniferm

ampl itude, equal phase Wilkinson power divider circuit. =ach
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vertical subarray dipole element includes a dummy dipole at
either end for impedance stabilization.

The dipoles are implemented as straight-arm dipoles on a
copper clad Duroid substrate (Figure 9). Dipole patterns are
etched on the outer sides of a two piece strip lire circuit; on
the inner surface of one substrate, a center-conductor loop is
etched to feed the dipoles. A single section impedance matching
<ransformer is etched into the center conductor between the
dipole and Wilkerson Power Divider. The transformer wzs
designed to minimize the active VSWR of a dipole element over
the 5.2 to 5.7 GHz operating band for the scan range of 0 to 40
degrees in the H-plane. The transformer design is based on
measurements made on a 7 dipole E-plane simulator; the
measurements included the passive impedance of the central
element and coupling between the central element and its
neighbors for a uniformly weighted array.

The E-plane simulator consisted of 7 dipoles spaced 1.1
inches horizontally and ground planes spaced 1.75 inches above
and below the dipoles to simulate coupling between the columns
of the dipoles. The predicted active impedance of the element,
using the transformer, was 1.66:1 over the scan range with the
VSWR at 50° scan angle being less than 2.5:1.

The test model of the 8-way Wilkerson power divider had
amplitudes equal to within 0.1 dB over the band and phases equal
to within 1.5° (typically) with a worst case of 3°. The return
loss on the common port was greater than 23 dB with the output
ports terminated.

3.5.2 calibrator design. The loop calibrator, described in
section 2.5.2 and Appendix B, was used for the array calibrator.
Figure 10 1s a schematic of the 32 pert calibrator used in the
DBSA array. The thirty~two active array elements are coupled t>
the elemental receivers through the direct connection ports.

The calibration signal path from the loop calibrator to a
receiver input contains two couplers. The first coupler is a 30
dB non-directional coupler. The coupling holes through the
ground plane at the intersection of the calibration loop feed
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line and the cross lines labeled Al-A32 couples energy into the
cavities that surrcund the cross lines. The second coupler is a
20 dB directional strip line coupler on the antenna to receiver
interconnection strip line.

The "A" ports of the 20 dB coupler line are terminated
external to the calibrator feed to provide access to the signal
coupled from the calibration loop; the "A" ports are called the
rauxiliary" outputs of the calibration feed. The opposite end
of the 20 dB strip line coupler is terminated within the
calibration feed.

The strip line circuit runs for one port of the calibration
feed are illustrated in Figure 11. The non-directional coupler
is the coupling hole at the cross over of the calibration line
and the auxiliary calikration line. The 20 dB coupler includes
tuning "fingers" which ccmpensate the coupler for differences in
the propagation constant for the forward wave and backward wave.

Test results on a single non-directional coupler showed a
maximum VSWR of 1.1 across the 5.2 to 5.7 GHz. The directivity
of the 20 dB directional couplers was greater than 25 dB across
the same band. For the 32 port loop calibrator, the worst case
rms amplitude and phase error was 0.26 dB and 2.46° across the
frequency band of 5.2 to 5.7 GHz.

3.5.3 Recejver design. A triple conversion receiver was
used to provide goecd image rejection. Figure 12 is a block
diagram of the elemental receiver. The receiver specifications
are shown in Table 6.

Py

ey




s3nox1; suyy dyasg 2ojeaqiien dooq *1y 2anByg

L N " o
R ) Sy X LS

63

o—.zc o = .‘.:1 =

Y :

I3




AsS071D muavanowh

viva
TVIdZES

AOVEL /3AOON3I

T

w<mem
(e8]

TATIVEVL

ZHD 81°2
01 a3axid

weadeyq OO[g ATy TBIUdWRTF °*ZT 2an3ya

*J3d
ZHKW Sv

G Q<=

ZHD SLw°E ~ SL6°C ZHD

01 ITIOV L°s - 2°s

59

P




Tablie 6. Receiver Specifications.

Frequency Coverage 5.2 to 5.7 GHz in 20 MHz steps
Signal Bandwidth (3 dB) 500 kHz

Receiver Noise Figure 4.1 éB

Inage Rejection 50 dB

Gain Tolerance + 1 aB

Bynamic Range 40.8 @B

A/D Converters 10 bit I and 10 bit @

A/D operating Point RMS noise at 2 LSBs

A/D Conversion Rate 500 kHz

Digital Data Output Serial - single ended

Maximum r-f Input 0.5 watt average, 100 watt peak
Physical Size 4.5" x 1" v 31"

Power Dissipation: 13.0 watts per receiver

Dynamic range is specified in terms of the level of the
cumulative third order intermodulation products when two egqual
amplictude signals are present at the receiver input and the peak
voltage into the A/D converters is at full scale.

A C-band low noise amplifier (4.0 3B noise figure) with 27
dB gain sets the overall receive: noise figure of 4.1 dB at the
A/D converter input. The C-band image rejection filter has a 3
dB bandwidth of 625 MHz and a 30 dB bandwidth of 1600 MHz
maximum. The in-band amplitude ripple is 0.5 dB peak; over a
0.5 MHz bandwidth, the difference in amplitude ard phase
response between receiver channel3 is, however, negligible when
the insertion amplitude and phase is cancelled out at each
operating frequency.

A nigh intercept point (+20 dBm), double balanced mixer was
used for the first down conversion mixer. The 2225 MHz first
i~-f frequency places the image (750 to 1250 MHz} well outside
the amplifier pass band. A narrow band cavity type bandpass
filter was used for the second i-f image rejection filter; these
high @ filters permit very narrow bandwidths to be realized
without excessive insertion loss. The 3 dB bandwidth of the
2225 MHz center trequency filter is 20 MHz with only 2.2 4B
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insertion loss; the in-band amplitude ripple is 0.5 dB peak.

The narrow band cavity filter peruwits the third i-f frequency to
be optimized for the final filter bandwidiih of 500 kHz since the
image frequency {2135 MHz) will be rejected by the €ilter.

A third i-f frequency of 45 MHz was selected since it was
favorable for realizing the 500 XHz bandwidth final receiver
bandvidth. The third i~f nhandpass filter is the most critical
analog coxponent because its response has the most impact on
channel to channel response match. A SAW filter was used for
this filter because of the consistency in transfer function
which can be achieved in this technology. Table 7 list the
performance specifications fnr the SAW filter.

Table 7. SAW filter Specifications.

Center Frequency 45 MHz % G.04%
Teupegrature Coefficient * 0.01%/°C
Bandwidth: 1 dB 300 kHz
3 dB 500 kHz * 9.1% unit to unit

40 dB 1.5 MHz or less * 1% unit to unit
M timate Rejection 70 dB
Amplitude Ripple 0.1 dB peak (in-band)
Insertion Loss 20 dB + 3 dB (% 1 dB unit to unit)
Phase Match 1* peak unit to unit

The SAW filters were surplied by Sawtek; the response match
of the filters wés cnecked on 4 pairs of filters by passing 10
MHz noise througn pairs of filters and measuring the noaise
residue present at the output of 2 subt -actor circuit which
combined the filter outputs. The residue freou: « e subtractor
output was neasured after trimming out the static insertion
phase and loss differences between the two filtexs. The in-
sertion phase and ioss trimming is comparable tu the static
correction made o the overall receiver transfer function after
calibration. The average residue across the noise bandwidth was

40 4B which is better than che 35 dB allocated for the entire
receiver.
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An integrated synchronous detector assembly was used for the
I and Q phase detectors. The assembly incifuded an in-phase i-f
signal power divider, a 3 dB quadrature hybrid for the reference
frequency and the I and Q mixers. The I & Q balance of these
devices is within t 5° of phase guadrature and 1 dB in amplitude
balance cver a video bandwidth of BC to 5 Mdz. The static
amplitude and phase errors of the synchronous detector are
measured during calibration; correction coefficients are
computed to correct subsequent receive channel I & Q outputs.

Analog Devices HUS-0S50A high current output, wide band video
anplifier (100 MHz gain bandwidth product) was used on the
output of “he synchronous detectors to obtain the voltage swing
of 7.5 volts which his needed to reach full scale on the A/D
converters. The amplifier frequency response is wide enough to
have negligible effect on the I & Q channel match.

Analog Devices HTC-0300 Track and Hold (T & H) Amplifier and
HAS-1002 A/D converter were used for the I and Q guantizers.
The A/D converter is a successive approximation type converter
which recuires that ithe input signal remain constant over the
entire ccnvarsion interval in order to attain the rated 0.025 %
of full scale accuracy (1/4 LSB); tr:» T & B has been designed to
work in conjunction with the HAS series converterc to provide
the raquired hold function. The T & H dynamic characteristics
are the principal factors determining the quality of the
quantized signal channel to channel match and dynamic range.
The T & H has an aperture uncertainty of 100 picoseconds; at the
maximum video signal bandwidth of 250 kHz, the T & H introduces
a peak errcr of 0.016% (< 1/4 LSB of the converter) in the *xlue
of the signal voltage being sampled. The T .« E has a droop rate
of 0.005 millivolts per microsecond; cver the 2.0 microsecond
gquantizing period, the output only changes by (.01 millivolts,
however. Since the LSB of the A/D converter is 7.32 millivolts,
the T & H droop is a negligible factor in the quantizer
operaticn. The T & H pedestal Jduring the hold pericd is 5
millivolts. Since the pedestal is relatively insensitive to the
voltage being held, it has the sume effect as a GC bias and may,
therefora, be cancelled out. The harmonic distertion level o:
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the T & H is 75 dB down nmaking it a2 small contributar to the
intermodulation products.

The T & H also provides 60 dk of feed
through rejection for signals up to + 10 volts at the input.
There will also be small DC offset errors on the I and Q
outputs of each receiver channel due to BC offset errors from
the synchronous detector, the vidwo amplifiers, the T & H and
the A/D converter. 3Since the DC offsets were expected to be
less than 3 1LSBs of the A/D converter, only a small part of the
A/D converter dynamic range is affected. DC bias correction
feedback was not used, therefere, and DC offset corrections are

accomplished in the digital corrections in the HP 9836 computer
processing.

3.5.4 Recording and Control Subsystem. The Recording And
Control Subsystem (RACS) interfaces the DBSA equipment and the
HP 9836 computer used as the array beamformer, data display and
antenna rotator controller. The RACS equipment includes a
single board microprocessor which controls the data transfers
hetween the computer and the array, translates computer control
words to array configuration controls (frequency selection,
calibration/data collection mode and test mode), performs local
processing and controls a buffer memory. Figure 12 is a
functional diagram for the RACS. The thirty-two serial digital
outputs from the thirty-two receivers in the DBSA are
transformed into parallel output before being stored in a buffer
menory. The data interface has previsions for handling 12 bit I
and Q data: only 10 bit A/D ccnverters were used in the array,
however.

During calibration of the array, the DBSA exciter is
configured to generate a calibratior pulse with a 125 kHz offset
from the selected operational frequency and connect it to one
side of the calibration feed. Each array calibration requires
two sets of data to be collected; the first data set is taken
with the calibration signal connected to the left side of the
loop czlibration feed. The second set ot data is collected with
calibration signal connected to the right side og the loop
calibratior feed. Two bundred and fifty six contiemous 10 bit I
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and Q sarples are collected from each of the 32 receivers and
stored in the buffer memory for each data block. After each
data block has been collected, the contents of the buffer memory
is formatted into 8 bit bytes and transferred to the HP computer
for calibrxtion processing. The data is transferred over a
standard IEEE-488 data interface at the rate determined by the
HP interface controller.

Each block of 256 I and Q samples from a receiver (from the
first set of calibration data) is processed to estimate the DC
offsets in the I and Q samples and the amplitude balance and
phase angle of the I and Q samples. The estimates of I and Q
bias are used to correct the caiibration data and 211 subsequent
data that is collected. Similarly, the estimated correction
cnefficients tc piace the I and ¢ data in amplitude balance and
phase guadrature axe used to correct the calibration data and
all subseguent data that is collected.

After the second calibration data block is colleccred and
transferred o the HP computer, the data is normalized by the
estimated DC offsets and I and Q balance corrections. The left
side and rinht side cdata is than processed to estimate the
inserticn phase and gain diffcerences detween channels. At the
completicn of the processing on both sets of calikration data,
correction coefficients are computed for the operating freguency
that was used for calibration. The receiver correction
coefficients are used ho correct subsequent data from each
receiver to remove DC bias errcrs, channel ¥ and Q balance
errvors and channel to channel insertion phase and gain
differences.

During pattern measurements, the RACS equipment disables the
calibration test sigrnal to permit data samples to ke collected
from the array using the source located in the far field of the
array as the input signal. Blocks of 64 ~ontiguous I and @
samples, from each receiver, are collected in the nuffer uemory

s the array is rotating. At the end of each 64 sanple block,
the I and N samples for each receiver are read out of the buffsr
by the RACS processcr and separately accumulated (or
equiv-lently conerently integrated) cver 64 samﬁles. The
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integrated I and Q samples from the 32 receivers are transferred
to the HP computer which reduces the data rate to the computer
by a factor of €4 to 1; the signal to noise ratio of the pattexn
data is 2lso increased by the signal integration performed in
the RACS. The integrated I and Q data represents the array
response &t the angle the array face was during the data block
collection. Since 64 samples are collected within 128
nicreseconds, the array may be censidered to have not nmoved
during the 64 samples.

Even with the 64 to 1 data compression prior to the
computer, there is insufficient time te process the pattern data
samples in the HP computer while the data is keing collected.
The pattern data samples from the RACS are saved in the computer
unptil the array has rotated through the desired mechanical scan
sector. Processing of the pattern data to normalize the data
and to de digital beanforming is perfermed cff line in non-real
time.

3.5.5 Data processing software. The data processing
software for the HP $536 computer was written in HP Extended
Basic 2.1 tec permit it to be easily modified for future
experinents arnd ease in inteurating it witzh existing control
software used to control the antennz rotator. The data
processing software performs the following functians:

(1} Controls the DBSA array modes and cperating freguency.

Controls data transfers fror tha RACS subsystem to the

HPYB36.

{2} Provides an operator interface, via user menus, for

specifying the DBSA equipment parameters, antenna rotator

operating limits and pattern plectting parameters.

3} Zentrols cziliration of the array and calcnlation of

alanental receiver correction coefficients.

4) Contrelx collection of array pattern data and

notral.zatlon of the array daza.

5) Cslculntes array factor patterns with operateor selectable

Taylor amplitude weights for the data processed in the

digital beamformer slgorithm, ‘
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6) Displays and plots cperator selected beam pattern data.

The receiver calibration to correct bias errors and I and Q
errors makes use of an efficient DFT algorithm apprcach
described by C. rchill, oOgar and Thempson in their paper3.

The authors show that the use of a calibration freaquency which
is offset from the carrier frequency provides a means of
estimating the I and ¢ amplitude balxnce and phase srrors in
terms of an image freguency which is present when there are
amplitude balance and/or phase errors in the I and { samplas.
The I and @ errors to be corrected are typically iess than 5
degrees from phase quadrature and less than 1 éB from ampiitulde
palance. With small errors, the primary response to the I and Q
imbalance can be reprasented as producing an image of the offset
frequency displaceé in the opposite seise froam the test signal
that was gencrated. The power in the imsge response is
approximately equal to 174 of the ampiitude imbalance scuared
and 1/4 of the phase imbalance squared. The frequenzy cffset on
the calibrztion test signal permits the primary response and
image responsas to be separated by digital filiters matched to
the primary and image oZfsets.

The choice of a calibration frequency which has an offset
equal to 1/4 of the data sampling rate resultr in a phase change
of 90* from sample to sample for the offset fraquency at the
output of the synchronous detector. The dagital filters to
match the primary and image frequency degenerate tec I and Q
accunulators for each filter: the accunalators are preceded by
an input selcctor that switches between the input I and Q
sanmples and the negative of tha I and Q cempenents to provide
filters with phase rotations of +806° and ~30°'. <The cffset
frequency also provides 2 convenient means of measuring the bC
orftsets in the 1 and Q zamples: a Filter mat~shed to DC will have
zero cutput ovar contiqueus suns ¢f 4 samples in the I and @

3Churchill, F.E., Ogar, &.W., and Thompson, B. J., "The
Co:rection of I und Q Zrrors in a Cohegent Processor.”, IEEE
Transactsons on Aerospace ang Electronjic Svstems, Vol. AES-17,
KO. », PP. 1:1-137, Januarxy 1981.
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accunulators if the receiver channel has no DC offset. (The
averaga value of any sine wave which has an even number of
samples uniformly distributed over one cycle of the sine wave is
aqual to zero.)

The calibration correction coefficients for each receiver
channel are estimated from processing 256 I and Q samples of the
offset frequency calibration pulse collected over 512
nicroseconds of time; the unweighted digital filters have an
approximate resolution of 2 kHz. The 125 kHz filter response
(1/4 of sampling rate) has a null at DC and at =125 kHz which
aliows small DC offset errors and I and Q¢ imbalances to be
measured.

The errored I an Q samples from a receiver channel may be
denoted by I, and ¢,, the sicnal may <han be expressed as

Il(t) = (] + e} A cos(W t) + a
Q(t) = A sin(W t + D) - b
where e = the fractionzl ampiitude imbalance

D = the phase lmbalarnce

a = the DC offset .n the I channel, and H
b = the DC offset ir the ¢ chanrel |
W = the offset frequency.

The DC offset errcrs are subtracted from The input signal
prior to any other correction ieavirg unbiasei I and Q signals
vhica may be expressed as

Io(t) = {1 + e) & cos(W t; 1
Qz{t) = & sin(W = « DI},

The I, and Q, signals are tTeatsd as vectors and o
zorrection coefficients P and B are computed from <he
zalibraticn data block. In matrir notation the z.gnals afrer
gain and phase corracticn desigmesec as I; and Q. aze
reiated Tc I, and - as follows.
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The signals I3 and Q, are required to be orthogonal and
equal in amplitude. The coefficients P and E are therefore
related to the original errors as follows:

E =cos(D) / (1 + e)
P =s8in(D) / (1 + e).

After application of the corrections, the signals are

I5(t) = A cos(D) cos(W t)
Q5 (t) = A cos(D) sin(w t).

The corrected output signals for each receiver channel are
scaled by the fector cos(D), the phase imbalance factor for tae
receiver. The correction factor has an impact on the channei tc
channel normalization corrections because it alters the gain of
the channel. PCuring the calibrztion measurements, the I and Q
correction factors are applied to the receiver channel
czlibration data before the channels are compared; the gain
factor change is, therefore, included in the channel correctisn
factor.

The transfer function (insertion gair and phase) for a
receiver channel 1s represented by a signal amplitude and phase
value for the channel* this value is cder:ved froz the
calibration signal measurements at the ouzout of 2ach receiver
caznnel when the ca.:cration signal scurcea is connected tc the
left and right sides of the loop calibrat.or feed 2s described
in section 2.5.2. The twc sets of zalibration data, ccliected
furing each rec= ver measurement ‘<eta Irom feeding the ieft and
right sides of tiae lcam cal.oratior feed; :s corrected for DC
bias =2nd I and ¢ .mba.ence: the corzected Zeta i1s .ntegrated in
a digizal filter zatches it the cai..rat.or offser Irequency.
The dizmtal filter Ta2oces The Twe s27s cf calibreion Zata to a

2=y 0f I and { samp.es representing Tie s.gna. output from




feeding the ieft and right sides ot the calikration feed. The
compler square root 2f the product of the pair of I and Q
samples is the signal amplitude and phase o the channel.

The first receiver channel is used as the reference
channel. The insertion phase and gain of recsziver channels 2
throughk 22 relative to receiver channel 1 is computed by
dividing the signal amplitude and phase of chammels 2 through 32
by *he signal amplitude and phase of channel 1. B2 set of
zomplex correction coeffic.ents are computed (22} which are used
to correct. thz pattern data from subsequent measurements.

Suring zattern measuremer—e, 32 I and Q samples (one pair
frun each receiver) are stored, aleng with the antenna rotator
mecw.aniczl poinzing angle, each time the RACS subsystem
trzanefers data —o the computer. An I & Q pair is the sum of 64
sanp.zs from 2 J>ZSA receiver. In the off-line play back of
prrrert Zata, =zaTh set of 32 I and Q stored pattern data samples
is mornz..2ed 5y The _ast set of calibration coefficients
recordes &% the operat.ng frequency used to collect the data.
The neorrpa. .zation .ncludes correction of the channel DC biases,
correction ¢f the < arre. I and ¢ amplitude and phase imbalances
and final.y correc~.on of the channel insertion phase and
ingertion esir.

1he 3¢ cumlglingltsal ana zormal.zed receiver sample outputs
from the 32 recelver chonnels are ccheremtly comoine? by an FFT
alyorithm to produce the array factor resgonse. The FFT
alaguilthm is an efflclent means of asdding 1inear phase slopes to
the receiver data angd summing ths receiver data. The 32 I and Q
palrs may be amplltude velynte?d by wne of *tha precomputed Taylor
weight @ets to suppress gide.ehes A ¢%6 FF1 pnint transform is
perfeimad on the welghbted 27 T and { aeamples to provide finer
sanpl {my of the azrray factor at intermedieis phase slopes; the
phase slopes aré spaoed in increments of 160/28%5 degrees from
zaro slape to 255 * 360/255 deyjnes per recelser. Array factoer
patterns areg computed for each get of recejver 1 and Q samples
over the rotator mechanical Hean range.
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The antenna response for one or more beam positions can be
plotted against the array rotator position during play back of
the array factor pattern data. The FFT output(s) corresponding
to the desired electronic scan position(s) are plotted against
the array rotator position to provide a conventional antenna
pattern.

3.5.6 Mechanical implementation. The array elements, loop
calibrator feed, receivers, exciter and clock contrel circuits
are enclosed in a common weather tight enclosure. The array
ground planz, Figure 14, is slotted to accept the strip line
element arrays which are supported by a flange would bolts to
the back side of the ground plane (Figure 9). A formed lexan
cover over the array face provides weather protection for the
dipoles; the cover is held in place and sealed by a clamping
ring and gasket that seal “he edges of the cover. The array
elerent openings in the array ground plane are not weather
tight; in addition, the dipoles can be shorted out if moisture
accumulates in the slot area between the dipole arms at the tip
of the dipoles (Figure 9). The dielectric constant of the lexan
cover and its thickness distorts the array element patterns in
the H plane at large scan angles; the cover must be removed for
detailed pattern measurements.

The calibrator housing, shown in Figure 15, is a precision
machined assembly. The loop feed strip line is recessed into a
cevity machined in the cover. A thin metal sheet with
non-directional coupling hcles covers the loop feed to form a
ground plane. The third machined part in the calibrator
assenbly provides cavities for the 32 receiver ports; the lower
coupler strip line board is shown in place in cne of the
cavities and the upper and lower strip line boards is shown in
the adjacent cavity. The lower coupler strip line board is
shown in greater detail in Figure 16: the 20 dB directional
coupler and the impedance matching fingers are in the lower part
of the figure. An expanded area in the auxiliary arm
corresvonds to the region where the loop calibrator passes over
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Array Ground Plane and Elements

Figure 14.




Flgure 15. Calibrator Components
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Figure 16.

Calibrator Couplers
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the receiver ports and the coupling hole is positioned in the
ground plane. The assembled calibrator feed is shown mounted
on the back side of the ground plane in Figure 17.

The elemental receivers were implemented with high
performance commercially available components. The r-f
amplifiers, mixers and filters are in separate packages with SMA
sonnectors; the packaging isolates the individual receivers from
each other (Figure 18). The i-f amplifier and balance of the
receiver components are mounted on a two sided printed circuit
board. The receivers were designed to be removed from the back
side of the array (behind the ground plane); plunge type SMP
connectors at the front end of the receiver provide the
connections for the r-~f input signal, the three 10s and a
composite data clock for the Track and Hold, A/D converter and
serial output shift register.

The exciter uses commercial phase locked synthesizers,
commercially available amplifiers, a 5 MHz crystal clock and a
custom times 14 multiplier. The power dividers for distributing
the LOs and the reference frequency are implemented with
commercial power dividers (Figure 19).

The DC power supplies to operate the array electronics are
also housed in the antenna enclosure. Fans within the antenna
enclosure provide cooling for all of the electronics, the air is
directed past convecticn heat sinks at the top and bottom of the
enclosure that transfer the heat load to the outside
environment.

The RACS interface equipment was packaged separately and
would be mounted near the HP 9836 computer to keep the IEEE
interface cable length short. The transfer rate over the IEEE
interface is limited by the length of the interface cable since
data transfers invoive handshaking between the two devices that
are interfaced.




Figure 17.

A% ;é ',’;ﬁ
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Calibration Feed and Element Radiation Interface




Figure 18. Recefver Rack Front View
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Figure 19. Receiver Rack Bottom View
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SECTION 4
CONCLUSIONS

The preliminary assessment of the DBSA self-calibration
approach indicates the measurement approach meets the objective
of being able to compensate for construction variations in the
receiver channels and changes in insertion phase and gain of the
channels with temperature. The precision loop calibration feed,
incorporated in the DBSA equipment, had low construction errors
with low phase and amplitude errors. The loop calibrator
approach, however, is limited by the correlated error introduced
into the calibration measurements by small mismatches at the
couplers and at the terminations on the load ends. In the
present implementation form, the correlated error will also be
present from row to row in a planar array; the correlated
sidelobe will, therefore, not decrease as the array size is
increased. (The remaining errors are, however, random and the
average sidelobe level will decrease in a larger array.)

For arrays with very low peak and average sidelobe
requirements, the corporate calibration feed will be required
since correlated errors can be avoided in the distribution
system. The corporate feed will, however, have to be calibrated
in situ to obtain low measurement errors: it will also require
periodic test to assure that accuracy of the system.
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APPENDIX A

DERIVATION OF CHANNEL DECORRELATION
FOR VARIOUS SYSTEM PARAMETERS

INTRODUCTION

In this appendix, derivations are given for equations that can be
used to translate component phase, amplitude and timing errors into a
correlation parameter. The correlation parameter defines the impact of
the errors on the transfer function of the component; it is a measure of
how identical the transfer functions are for two devices when both
passing a wide band noise input signal. If the two channels (components}
are identical, by definition their correlation coefficient is unity. If
the channels are not identical the correlation coefficient will be less
than one and imperfect cancellation will occur when the output of one

channel is subtracted from the output of the second channel.

It can be shown that the maximum cancellation ratio is given by:

cr=(1- [p|H7?

The quantity 1 - |p|2 is referred to as the decorrelation. When
there are multiple independent sources of mismatch, such as a string of
filters and amplifiers, the composite correlation coefficient of the
string is equal to the product of the correlation coefficients of each

component itself.

Thus:
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1.0 DERIVATION OF CHANNEL DECORRELATION FOR_VARIOUS SYSTEM PARAMETERS

gl

Thie appendix derives the relationship between channel

decorrelation, 1 - Iolz, and the following system parameters:

v-rw‘-‘

1) Amplitude and Phase Mismatch Between Receivers
2) Ssampling Jitter

| 3) 1/0 Balance and Orthogonality

4) Receiver Time Delay Mismatch

el

1.1 Amplitude and Phase Mismatch

Amplitude and phase mismatch of the transfer functions of two
channels are important socurces of decorrelation. The amount of
decorrelation can be related to the weighted mean square difference in
amplitude and phase. To show this, let the transfer functions of two

nearly identical channels be G;(£) and G,(f) and express their ratio as:

1 6,(f) b
E;TTF = yexp [a (£) + § ¢ (£)] (A-1)

where:

¥ = a complex constant
exp @ (f) = the amplitude ratio function

¢ (£) = the phase difference function

1 4
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Both a and ¢ are assumed to be very small and the constant u is chosen so

that the weighted mean values of a and ¢ are zero:; that is,
fclmz o (f) df = 0 (A-2)

J'Gl(f)z ¢ (£) a£ =0 (A-3)

The weighted mean square values (variances) of @ and ¢ are defined

as:
02 = I 16,(6)12 o() af (A-4)
&

%2 - J' f6,(6)1% o?(£) ef (A-5)

1€ it is also assumed that a and ¢ are "uncorrelated” in the sense that:

J'|<:1(f)l2 a (f) ¢ (£} BfE =0 (A=6)

then we can show that the decorrelation, B

A~3 -
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+ o, (A-7)

2
1 - lol® = o

Table A-1 gives the values of 7° in degrees and (1 + ou) in dB
required to achieve the decorrelation given in the first column. It is
assumed here that the decorrelation is equally divided between phase and
amplitude (oa = o° with 00 in radians). Note that for small Oot the

amplitude entries may be calculated as:

20 1°°10 {1 +0,) = 8.686 0 (A-8)

1.2 gampling Jitter
Another source of decorrelation is sampling time jitter in the
sample and hold function of the A/D converters. A constant difference of T

seconds in the sampling times of two otherwise identical channels would

result in a crosg-correlation coefficient of:

o{t) = %{5} (A-9)

where R{1) is the autocorrelatjon of the output of either channel with

white noise input.

A~ 4 -
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Table A-1

Amplitude and Phase Match

G, (f)

Ty e [alf) + 5 0]

1- :olz . oaz +0

.593
.192
.061
.19

<006

A-5 -

2
¢

{deg)

4.051
1.281
.405
.128
.041
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If the channel frequency response characteristics are rectangular in

amplitude with two-sided bandwidth 8, and with linear phase, the

correlation coefficient will be

sin» gt

p(T) = T (A-10)

For small 7, the decorrelation in this casge may be approximated by
2~[n 812
1 - ]pl* = (—3— (A-11)

For a Gaussian~shaped transfer function with 3 4B bandwidth of B8, we

have:

2
p(1) = exp ’- i%—%%%— i (A-12)

and for small ¢ in this case,

2
1-pl%z -(-Hﬁ%— (A-13)

A-6~
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To obtain the decorrelation with time jitter, Equations (A-11) and
(2-13) must be averaged with respect to T. Assuming a uniform
distribution of sampling time jitter over the interval (-T, T) in both

channels, the average value of 12 is found to be

T, 1
¢ 1 f[-(f + )zdt dt
bl {A-14)
;;2 A 1 t2 1 2

Assuming the jitter in =ach channel is independent, this simplifies

to
) T
- i 2
Pz I tdt (a-15)
T Jq
2
-4 (a-16)
with this value, we obtain for the rectangular frequency response
characteristic

1-1pl2 = 2/9 (v 81)? (r-17)

and for the Gaussian frequency response characteristic,

A-7-
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vatues of 1 - |p|? for the rectangular frequency response
characteristic are tabulated for three different bandwidths in Table A-2.
The sampling jitter is expected to be held to 25 ps for which the

decorrelation is -68.63 OB with 2 10 MHz bandwidth.

Table A-2

sampling Jitter Decorrelation

Jitter 1 ol? (e8)
I(ps} 1 HEz 5 MHz 10 miz
5 -102.61 ~-88.63 -8Z.61
10 -96.5¢ ~-82.61 ~76.59
15 -93.07 ~79.09 -73.07
20 -90.57 -76.59 -70.57
25 ~88,.63 -74.65 ~-68.63
50 -82.61 -68.63 -62.61
75 ~7%.03 -65.11 -59.09
100 . ts,89 -62.61 -56.59

1.3 1/Q Balance and Orthogonality

The baseband 1&0 components of 2ach channel are formed in
synchronous detectors that multiply the IF input signal by nominally
egual amplitude local sinusoids 90° apart in phase. Any unbalance in

amplitude or deviation from orthogonality will cause channel-to~channel

wopeipe

-
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decorrelation. The decorrelation is derived as follows:

Represent the I1i0 components by:

I =Re (aexp ja)v (A-19)

Q«1In(bexp j 8} v (A-20)

He.e, "v" is the complex envelope of the IF input to the synchronous
detector "a™, and "b" are the amplitudes associated with the respective
channels, and "¢" and "8" the phase deviations from their nominal

raference values. Ideally, we shotld have s = b and a = 8.

The real and imaginary pert of v are denoted as Io and oo; that is,

vo= I+ 30, (A-21)
where

E U11%) = E (logl%) = @ (a-22)
and

E (I, Q,*) =0 (A-23})

with this notation, Equations (A-19) and {A-20) become

A-9 -~
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I=a (Io cos @ - Qg sin a)

Q=b (Io sin 8 -~ Q, cos 8)

(A~24)

(A-25)

The covariance of the output of the errored channel with a perfect

channel (1, + joo), is

w=E NI+ 30} (I, - 30,}]

p=E (I I 4+ Q0+ 3 (01I,~-10,)]

Using Equations (A-22) through (A-25) we find
E (1 Io) = a P cos o
E (0O Q,) = bPcos 8

E (Q Io) =b P sin B

tn

(10,) =ap dna

A-10 ~

(A-26)

{A-27)

{A-28)

(A-29)

(A-30)

(A-31)

L e




1 1
‘ <
#l N
3
1 }
q* Substituting these quantities in Egquation (A-27), we obtain
u=pjiaexp (-3 a) + b exp (J 8)1 (A-32)
; The correlation coefficient magnitude squared is, therefore, l
] 3
3
}
. i
[0]% = > 2JHI —_— {a-33)
* e dd) F+0D !
3
1 -
- —rL‘%z—T (a-34)
2P% (2% + b°)
.a2+b2025bcos {a - 8) (a-35) f
1 2 (af + b%)
4 and the decorrelation is !}
1
.
A-11 - 4
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1- |2 « 224 -28bcos (a-8) (A-36)
] (a2 + bz)
o {2 - 5)% - 2ab[1- cos (- 8)] (A=37)

Assuming (a - b) and (¢ - B) are very small, and using the notation

da=a-~-Db

§¢=a-8

we get
{ 2 2
1-10]2=1/4 } (5_".) + 84 (a-38)

since & o and & ¢ will vary from channel-to-channel and with time
we should uze average valuss. FPurthermore, since Eguation (A-38) gives
the decorrelation betwsen an errored channel and an unerrored channel,
the decorrelation between two errored channels will be doubled. Our

f£inal result, therefore, is

A-12 -
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1 - 0pl? = 172 i(-;%) +3TY ! (a-39)

Table A-3 was constructed using this formula. It gives the amount of
amplitude unbalance and phase deviation corresponding to different

amounts of decorrelation assuming both contribute equally.

Table a-3

1/0 Balance and Orthogonality

1- |02 1+ 6a/a 8
98) 188) {geq)
-20 .828 5.730
-30 .220 1.812
-40 .086 573
-44.5 .050 .350
-50 .027 .181
~60 .0087 .0573

A-13 -
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2,0 DYNAMIC RANGE EFFECTS ON CANCELLATION RATIO

This appendix derives the relationships between the cancellation ’k

ratio and the following system parameters:

1. Receiver Third Order Intercept Point

VR

2. A/D Quantization and Threshold Noise

oy
ke £

3. A/D Full Scale Input Voltage (saturation effects)

rpeie

2.1 Third Order Intercept Point

The dynamic range requirements of the analog portion of each
L channel, from the antenna to the A/D converter, may be expressed in

terms of the “"third order intercept point®.

Let the transfer characteristic of the analog portion of the

channel be represented by the polynomial.

e =k {v+avh (A~40)

where v is the input, e the output, and k and a are constants, Even
order terms give rise to out-of~band components that are removed by a
zonal filter and so are omitted. The input v is assumed to be
sufficiently small that the £ifth and higher order terms may be

neglected.

? Now let the input be the sinusoid

Sl

4
4 A~ 14 -
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v(t) = a cos wt (A-41)

with power,

p =172 a% (a-42)
then

3

e = {{a cos wt + o a3 cos® wt)} (A-43)

Expanding the cubic term and retaining only the fundamental, gives

e =k (a+3/4aa’) cos wt (A-44)
Incidental phase modulation is not explicitly shown in this
representation. If it were present, it would be associated with the
cubic term and would not affect the results obtained here.

The output power in the linear and cubic terms of Equation (A-44)

are

pl = k“ p (A-45)

and

A-15 -




py = k2 9/4 o? p? (A-46)

By definiticn, the third order intercept point occurs at the level of

input povwer, P;, for which the output powers are equal:; i.2., Py = Py or
where

ga? 3

k2 - p3 = k% py (A-47)

from which we get

Py = -23; (A-48)
Substituting for a in Equation (A-46) gives
2 3
Py = k L{ (A-49)
Py

The linear term in Equation (A~44) will be adaptively cancelled
leaving the cubic term as a residue. To evaluate the residus we assune
the input jamming has a bivariate Gaussian probability density function.

The instantaneous input power will, therefore, have the exponential PDF

A~ 16 -
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| £(p) = % e Py (A-50) L

A where ¢ = average power of the jamming. The average cubic residue power ﬁ
will, therefore, be
e ¥
] 3
i 1
2 -
i 33."_2[ Pl e Py, i
P }
1 i 7
(a-51)
- 12
%5“3
Py
The average output power of the linear term will be
51_"‘2/ Pl ePapaidy (A-52)

4 0 r

Taking the ratio of Bi to 33, we obtain the cancellation ratio limit

(CRL) imposed by the cubic non-linearity,

A~-17 - 4
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This formula is tabulated in Table A-S.

(A-53)

Table A-~5

Cancellation Ratio Limit

@ -

dB ds

15 22.22
20 32.22
25 42.22
30 52.22
3s 62.22
40 72.22

A~ 18 -
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The 30 dB level is a reasonable goal to set for the ratio of the

third order intercept point to the average input power. For a JNR of 50
4B this implies a dynamic range of 80 dB measured from the noise level
to the third order intercept point. From Table 2-1 we noted that the 30

dB level corresponds to a CRL of 52.22 dB.

2.2 A/D Quantization and Threshold Noise

If the A/D threshold levels are uniformly spaced over the range of
the A/D converter, the quantization intervais will be constant and the
quantization noise will be q2/12 where g is the length of the interval.
However, random variations in the threshold levels will produce random
varjations in the lengths of the intervals. The quantization noise 1s

obtained by averaging over the guantization intervals.

Let A be the length of a random interval and assume that the PDF of

A is

Ma, (1-d) gerc{i+d)q
p (3) = (A-54)
0 elsewhere

Here, °q" is the average interval length, d is a parameter, and

(1+d) g

2
..f Adre2dq (A-55)
(1-4dgq

A-19 ~
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The average quantization noise will be

n+da ,
2- * 8
5 f“_d)qﬁv(nu |

(A-56)
¥

2
cHaed) ;

Many manufacturers specify a tolerance of +1/2 interval on the 1

threshold levels. This corresponds to d = 1/2 for which we obtain

2

« 5 4f ~57
cq-5/4?2- nq (A )

1f 0n2 is the system noise level and on/q is 1, then

2 2 2
a, *+c o ]
.8.__!_'1. . 4(33) «1+5/48 = 0.43 d8 (A-58)
o
n

There may also be a systematic variation in the threshold levels of
the A/D converter. Por example, the quantization intervals may be
smaller for low inputs than for high inputs. This is equivalent to a-

non-linear input-output transfer characteristic and can be analyzed as

A- 20 -
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an analog non-linear distortion.

Consider an A/D converter with cubic distortion in its transfer

characteristic g(x), where

2
glx) = x + ax 1-@? -V exs Wy (A-59)

where x is the input voltage, v, is the input voltage range, and
parameter. We define a in terms of the maximum deviatiun of ¢(x) from a

linear characteristic. The deviation at any input x is

r 2
Di{x) = a x L.l_-($-> (A=60)

m

and the maximum deviation occurs where

do,o_a1_3/x2 (A-61)
X \V;
or at
-~ Vv
xsy=-B (A-62)
The maximum deviation is
° 2a
D{(x)=é=>— . (A-32)
3" °

A- 21 -
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Por an N-bit A/D converter with average quantization interval, ¢, we

have, 1§
v, = 2%} (A-64) g
so that 1
}
2" a
X .;13 e (A-65)

Next, we find the power in the deviation or distortion term. <his
will be residue under the assumption that the linear term iz cancelled,

We assume the input is Gaussian with mean zero and sigmz ¢. Then

]
m
}’-[ 0{x) 4 exp (-lezwz) dx (A-66)
v Gl

Using Equatien (A-60) POR D(x), replacing ths integral limits by +
infinity to obtain &n upper bound, and using Equation (A-65) to raplace

a, we get
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_075-2% (6/0)% u (1-6 u + 15 19) (A-67)
where
2
u -(%—) (A-68)
n

In the next section, we show that the average input power should be
about 15 4B beliow the saturation level of the A/D converter, sz' to
ensure that saturation effects do not limit cancellation below 60 dB.

Wwith u = .0316 (~15 &B) in Eguation (A-67), we obtain

2
21 & -
? i;z-ﬂ' (0.02861) (—6) (A-69)
or
% < (20 log - 6.02N-1.52) a8 (A-70)

For N = 12, this becomes

p? < (20 log %- 73.77) @B . (a-71)

A - 23 ~
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from this, we conclude that if & is less than 5 g, cancellation

will not be affected at the ~60 dB level. The low value of ¥,
incidently, implies that Dz will be very close to the upper bound given
by Bquation (A-70).

2.3 D Saturation

A/D converters operate over a limited input voltage range, from say
=V to +Vg. wWhen these limits are ex- ceeded, in either direction, the
input in effect saturates at the peak level. The limits will always be
exceeded with noise jamming at a :ace that depends upon the average

jamming power.

when saturation occurs, the cancellation balance is upset and the
residue may increase by as much as the difference between the true
voltage and the saturation level. The power in this difference is

referred to here as the overflow power. Assuming a Gaussian

distribution for the I and Q components, with power squal to 02, the
overflow in the I or ¢ channels will be
-
2
Overflow Power = Z f (V-Vm)ze VZ/Zo av {A-72)
ﬂ?u ¥
n

The ratio of this power to the input power, 02. =Ry be written as

A-7d -
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Overflow Power -J%

where

(A-73)

{A=-74)

The overflow power ratio is tabulated in Table A-6 as a function of L.

L _(de)

10.0
10.2
10.4
10.6
10.8
11.0
11.2
11.4
11.6
11.8
12.0
12.2
12.4
12.6
12.8
13.0
13.2
13.4
13.6
13.8
14.0
14.2
14.4
14.6
14.8
15.0

Tabie A-6

Overflow Power

overflow Power/az(dB)

~35.4
-36.7
-37.9
-39.3
-40.6
-42.1
-43.6
-45.1
-46.7
~-48.4
~50.2
-52.8
-53.9
-55.9
-58.0
~60.2
-62.4
-64.8
-67.2
-69.8
-72.5
~75.2
-76.2
-81.2
-84.4
-87.7

25 -




It may be seen that the overflcw power ratio varies quite rapidly
1? with L and is almost -70 dB when L, the ratio of the maximum A/D voltage 3
to the RMS input, is 14 dB or greater. At =70 dB, the effect on the

attainable cancellatjon is negligible.

gl

2.4 word Size and Dynamic Range

The dynamic range of the A/D converter is defined here as the

e
prep

maximum ONR (jammer-to-noise ratio) that can be obtained allowing 15 dB

"
M A dacans . ean

of margin for overflow. The quantization interval, q, is a function of i

the voltage range, Z Vp. and the number of bits. With N bits there are

1 28 quantization intervals with average length, |
3 2 vm
1 q= _Er (A-75)
Hence,
Yo 0 (A-76)

Let the input system noise be denoted by 0,2 and the maximum

instantanecus power level that can be converted by Pnax‘ Then

2 -
Poax ® Y (A=77)

1 A~ 26 -
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and

Poax . sz . 22 (n-1)
o

a, (o"/q)2 ¢ (a,,/qTZ

= [6.02 (N-1) ~ 20 1og (gﬂ) ld

o
For aﬂ = 1 and K = 12, Equation (A-79) yields

P
5% = 66.23 B

%n

(A-78)

(A-79)

(A-80)

To get the dynamic range we must subtract from this .43 dB for

quantization and threshold roise and 15 dB for overflow margin,

gives:

A/'D dynamic range = 50.80 dB

A~ 27 -

This

(A-81)
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APPENDIX B
LOOP CALIBRATOR

The loop calibration concept for DBSA was described in
Section 2. In this appendix, the error sources in the calibra-
tor are considered along with the impact of the errors on the
array patterns.

The analysis of the calibration TL (transmission line) locop
is shown in Figure B-1. The clrcuit conditions for the two
switch settings are shown in Figures B-la and B-1b. The
analysis utilizes S-parameters, e.g., the A" network is
characterized by A;,, A,y, Ay, and A,,, and all the
source and load resistances are normalized to unity. For
reciprocal networks A;, = A;;. The calibration generator is
matched and sends out incident voltages Vine 1 and Vi,o 5.

The load end calibration voltages are Veal 1 and Vg o

The tap is art the ith position, i.e., networks "A" and
“B" represent all the transmission lines and taps to the left
and right of this tap, respectively. Figure B-2a illustrates
that the voltage reflection coefficients looking to the left and
right of the ith tap are A,, and By,, respectively, in the
calibration loop. The 3th tap calibration network, antenna,
and receiver string are represented by a normalized shunt
admittance y on the calibraticn loop as shown in Figure B~2b.
(The normalized admittance y is equal to ¥/¥,, where Y, =
1/2, and Z, is the TL characteristic impedance.) The total
loop network is "T" and is composed of A, D, and B. (Networks
T, A, and B are represented by S-parameters T, A, and B,
respectively.) The it tap voltage across the tap admittance
is Vtap 1 and Vtap 2+

Referring to Figures B~1 and B-2, the two received loop
calibration voltages are

Veal 1 ® T21 Vine 1 (B-1a)
and

VYeal 2 = T1z Vine 2 (8-1b)

Py
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®) CALIBRATION SWITCH Ih POSITION 01 3
A ®
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Figure B-1. Calibration Loop for Both Switch Positions
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From an S-parameter analysis, the two tzp voltages at the

l jth tap are l
Veap 1 % [A23(1 + Byy) (2 + Dyy)/ (1 - B)) vy, (B-2a) }

} Veap 2 = [Bia(1 + Ap) (1 + Dpy)/(1 =~ B)) vy , (B~2b)

i where E = AypBy, + Dy1(Ay; + Bjp + 2 Ay; Byy) (B~3)

(and is composed of second order or higher terms due to multiple

reflections). The reflecxtion coefficient for the tap shunt
admittance y is

o

* D11 = -¥/(2 + y) = Dy, (B-4a)
and the transmission across the admittance is J[
if D21 ® 14+ Dy =2/(2+y) =Dy, (B-4b) !
1 4
4 Note that the calibration loop contains only reciprocal
F networks, i.e., ;
F Aj; = Ay {B-5a)
By = By (B-5b)
[ Tiz = T (B-5¢)
and that .ne total loop transmission S-parameter is
A1 By (1 + Dyy)
: T21 = (B-G)
(1 -~ E)
L
The product of the two tap voltages at the ith tap is
Veap 1 Veap 2 =
4
4
T22(1 + D13} (2 + Azp) (1 + Byy) Ving 3 Vine }
j (3-7)
(1 - E)

The effective calibration voltage

vl o= sartvi,, Viap 2) (B~8)
is obtained from two sets of simultaneous measurements of all
tap voltages (or equivalently, the transmission coefficients)
when fed from the left (Vtap 1) and from the right (Vtap 2).
Ideally, all voltages vi would have identical amplitudes and J
phases which would be the case if the shunt coupling elements

e
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were identical and the reflectica seen from each tap were the
same or zero.

When the effects of mismatch at the ends of the loop are
included, the expression for the product of tap voltages becomes
Vtap lvtap 2
T21(l + Dll)

Vine 1 Vinc 2
(1 - E)

f(1 + A22)(1 - RLAll) + RLA12A21]

[(1 + By;) (1 - RgByy) + RpBy,By;) (B~-9)

vwhere

Ry, and Rp are the reflection coefficients for the termina-

tions on the left and right sides of the loop respectively and

the S-parameters are the same as previcusly defined.

A test model for the non-directional coupler was bhuilt and
tested on an IR&D study. The model consisted of two 50 ohm
transmission lines with one crossing over the other. The
transmission lines couple at their intersection through a 0.150
inch diameter hole which produces -~ 35 dB coupling in each
direction to the coupled line. An equivalent circuit for the
coupling tap is shown in Figure B-3.

The value of C; represents the mismatch at the junction
the actual value depends on the matching circuit on the
transmission lines and could be capacitive or inductive
depending on the matching approach; it will hcwever be
considered to be capacitive for the purposes of the analysis.

D

L4

L

=.236 pf.
[

R =125 ohms
c

-

L
- -I‘ |

Figure B-3. Shunt Tap Network D
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An analysis of the tap voltages was performed using equa-
tions (B-8) and (B-9) and the shunt tap network of Figure B-3.
For this analysis, the following parameters were used:

Dielectric Constant of TL = 2.2

Tap Spacing of D = 1.1 inches
Coupling Capacitance, Cg = 0.36 picofarad
Shunt Capacitance, Cg = Variakle

Number of taps, n
Reflection Coefficients at
loop ends, Ry =d Ry = Varjable

Figures B-4 through B-7 show the total rms errors (amplitude
and phase) of the tap output Vi relative to the average ampli-
tude and phase for n ports with perfect loads (no reflections,
Rg = Ry, = 0) on the loop ends. Two cases are shown, an even
number of taps (32) and an odd number of taps (330 for several
different values of shunt capacitance. The results indicate
that the total errcr can be quite large if the taps are not
matched and when the spacing between taps is 2 multiple of a
half wavelength in the transmission line. For the 1.1 inch tap
spacing, which is approximately 0.5 wavelengths at 5.4 GHz in
free space, the taps are spaced at 0.5 wavelength at 3.6 GHz and
1 wave length at 7.2 GHz in the transmission line. The operat-~
ing frequency for the calibrator is 5.2 to 5.7 GHz which puts
the tap szpacing approximately 0.75 wave lengths apart (at 5.4
GHz) over the frequency range. The even number of taps is seen
to have a lower error than an odd number of taps for a nominal
tap spacing of 0.75 wave lengths along the transmission line.
The worst case mismatch of Cg =6 picofarads corresponds to a
VSWR of 1.2 for a single tap network at 5.4 GHz.

Figures B-8 and B-9 show the total rms error levels when the
shunt reflection is matched (Cg = 0) but their are load mis-
matches on the ends of the loop. As in the previous cases, an
odd number of taps has somewhat larger errors than an even
number of taps for the 0.75 wave length tap spacings. Further
it is necessary to suppress both the shunt and load end
nismatches to reduce the error contribution from the loop
calibrator network.
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Figure B-9.
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The distribution of the amplitude and phase errors for a 32
port loop calibrator with mismatched taps and perfectly matched
end loads are shown in Figures B-10 and B-11 which correspond to
operating frequencies of 5.2 and 5.7 GHz (edge of band frequen-
cies). The errors are seen to be highly correlated with a peri-
odicity corresponding to two port spacings on the calibrator
feed. Similar results are obtained when the shunt admittance of
the taps is matched but the end loads are mismatched.

The impact of the calibrator errors on the array factor
patterns is lllastrated in Figures B-12 through B-15 for a 32
element line array spaced at 1.1 inches with 40 dB, nbar 6
Taylor weights. Figure B-12 illustrates the array factor
pattern with no errcrs. Figures B-13 and B-14 show superimposed
array factor patterns from 5.2 o 5.7 GHz with only one source
of mismatch error (shunt taps and load end mismatches respec-
tively} present at a time. The last Figure B-15, shows the
array pattern at 5.2 GHz with a composite shunt tap and loagd
mismatches. The highly correlated errors in the loop calibrator
produce peaks in the sidelobes which are spaced far from the

main beam; the peak sidelobe levels correspond to the total rms
errors.
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